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Symbols, Conventions, Notations and Abbrevations

Conventions and Notations

The following notations are used for the subscripts of voltage and current signals to
indicate their instantaneous, AC or DC value. The notation method of [Laker 1994] is
used. '

Tour DC or average value of a current signal;

Lo amplitude of the AC-component of a current signal in steady state;
Lour instantaneous value of the AC component of a current signal;

iouT total instantaneous value of a current signal, so ippr = TouT + four-

When the unit dBm is used throughout this text, it is not used in its original defini-
tion of 0 dBm being equal to 1 mW in 50 £2. Unlike in discrete realizations, integrated
RF systems often use impedance levels that differ from 50 £2. In order to allow a
comparison with classical discrete RF design, the unit dBm is still used, however re-
defined as the corresponding voltage level in 50 £ systems. 0 dBm is thus defined as
223 mV s independent of the impedance level. 20 dBm is equal to 2.23 V.

Bibliografic References

In this text, bibliographic references contain information on the first author, the pub-
lication source and the year of publication, bossibly extended with an extra character
when more than one publication of the same author has been published in the journal
in the same year. In this way the reader finds already a lot of information on bibli-
ographic references within the text. The full information can of course be found in
the bibliography. An example is [Crols JSSC95a). ‘Crols’ are the first five letters of
the first author’s name. ‘JSSC’ is an abbrevation for the journal the reference was
published in. ‘95" is the year of publication and the character ‘a’ has been added to
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viii CMOS WIRELESS TRANSCEIVER DESIGN

avoid ambiguity with another bibliographic reference. A list of the most important
abbrevations used for publication sources has been given below. The absense of such
an abbrevation in a reference indicates that it refers to a book.

ACD Analog Circuit Design

CASII IEEE Transactions on Circuits and Systems I -
CICC proceedings of the Custom Integrated Circuits Conference
ESSC proceedings of the European Conference on Solid-State Circuits
ISSCC digest of technical papers of the International Conference

on Solid-State Circuits
JSSC IEEE Journal of Solid-State Circuits
VLSI proceedings of the Symposium on VLSI Circuits




Symbols

The symbol convention given below is used in the circuit schematics throughout this
“text. Unless otherwise indicated, the bulk of nMOS transistors is always assumed to
be connected to the ground and the bulk of pMOS transistors is always assumed to be

connected to their source.

- + L 7

crossing connected ground power
wires wires supply
C— —_] C— =+
input .~ output pidirectional bondpad

terminal  terminal  terminal

R

nMOS pMOS npn pnp

= + @

resistor  capacitor  inductor

$ o @

AC voltage DC voltage DC current
source source source

—0

transmission line
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Abbreviations

This list gives the full description of the abbreviations used troughout the text.

- ADC

AC
AGC
BB
BER
BPF
CMOS
CPU
DAC
DC
DDS
DECT
DR
DSP
EEPROM
FER
FFT
FM
FS
GaAs
GMSK
GSM
HDn
HF

IMn
IPn
ISDN
LF
LNA
LO
LPF
LTF
modem
MOS
MOSFET

analog-to-digital converter
alternating current

automatic gain control
baseband

bit error rate

bandpass filter

complementary MOS

central processor unit
digital-to-analog converler
direct current

direct digital synthesis

digital Buropean cordless telephone
dynamic range

digital signal processor
electrically erasable programable ROM
frame error rate

fast Fourier transform
frequency modulation
frequency shift

gallium arsenide

gaussian minimurm shift keying
global system mobile

n'™ order distortion

high frequency

in phase

intermediate frequency

n'™ order intermodulation

n'" order intermodulation intersection point

integrated services digital network
low frequency

low noise amplifier

local oscillator

lowpass filter

linear transfer function
modulator-demodulator

metal oxide semiconductor

MOS field effect transistor

noise figure
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OTA
PLL
PSD
Q
QPSK
RBER
RF
RMS
ROM
LA
SNR
spec
SSB
SUSR
TDMA
transceiver
VCO
VGA
Xtal

operational transconductance amplifier
phase locked loop

power spectral density

in quadrature

" quad phase shift keying

residual bit error rate

radio frequency

root mean square

read only memory
sigma-delta

signal-to-noise ratio
specification

single sideband
signal-to-unwanted-signal ratio
time domain multiple access
transmitter-recelver

voltage controlled oscillator
variable gain amplifier
crystal
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WIRELESS COMMUNICATIONS

1.1 HISTORICAL OVERVIEW

A little more than 100 years ago, in 1894, Guglielmo Marconi began the research
that would lead to the development of the first practical wireless communication set-
ups [EW92b]. Since then, the invention and development of wireless communication
has had an enormous influence on the culturaf and social evolution of 20" century
society. Radio and television have become mass products and media with an impact
on everybody’s daily life that should not be underestimated.

In its early days, wireless communication was first used for maritime applications.
Large ships were at that time the main long distance transportation method and also
the only moving objects which were capable of carrying the large equipment and the
€hormeus antenna for what we call today ‘low frequency’ radio communication. Since
then, wireless communication equipment has gone through an enormous evolution,
The introduction of new components, like the transistor, and the use of ever higher
Oberating frequencies have led in the seventies to the development of small handheld
bortable radio equipment which is even today still widely used by e.g. emergency

Workers, like police officers, fire men and paramedics. Fig. I.1a shows such a portable
radio,

13




2 CMOS WIRELESS TRANSCEIVER DESIGN

Despite the enormous evolution wireless communication has gone through and de-
spite its widespread applications, it is important to remark that true bi-directional wire-
less communication, where each point has both a receiver and transmitter, has always
been limited to professional applications. Today, wireless information services for a
broad pubtlic (like radio and television programs) are only a uni-directional system in
which a few stations provide information that can only be consumed in a passive way,
i.e. without any means of interaction. Non-professional bi-directional communication
fias been limited to the small circle of highly dedicated amateur radio hobbyists. The
general public uses wireline telephony for bi-directional communication.

The reason why bi-directional wireless communication has been limited to profes-
sional applications is because of the fragile nature of the communication medium :
free air. It has to be shared by every application and every user within the application.
Any evil-minded or unknowledgable person can easily disturb a wireless COMMUni-
cation. Those who are going to use a wireless application therefore have to follow a
strict communication code (based on e.g. calling codes and call signs). Often one has
to take training and pass an exam first before one is allowed to transmit anything. This
has limited bi-directional communication to mainly professional use only. The impor-
tance of the influence of uni-directional public radio and television broadcasting on
the 20th century can not be denied. One can wonder however what the influence could
have been when bi-directional interactive wireless communication had been accessible
for the large mass.

1.2 WIRELESS NETWORKS

Today, the introduction of digital signal processing techniques is bringing a lot of
changes to the world of wireless communications. Digital signat processing in com-
bination with digital data transmission allows for the use of highly sophisticated mod-
ulation techniques, complex demodulation algorithms, error detection and correction
techniques and data encryption, resulting all together in a huge improvement of the
quality of the wireless link. Even more important however is the fact that di gital com-
munication also allows for the use of digital data flow control. Microprocessor-based
systems can be used to transmit and receive data in frames where each frame is la-
belled with an identification tag and routed through a virtual wireless network.

The principle of the wireless network is a very important aspect of modern wireless
applications. A wireless network is a system in which there is an automated point-to-
point communication between two or more users possible without interference of the
other users. Although all users are using the same communication medium, a transpar-
ent communication service is set up in which it appears to each user that he can have
a direct link with any other user. The importance of the possibility to set up wireless
networks may not be underestimated. It makes the need for a strict communication
protocel between users unnecessary and in this way it makes bi-directional wireless

14




WIRELESS COMMUNICATIONS 3

(a) (b)

Figure 1.1. Two examples of handheld wireless equipment. a) a classic portable radic
for professional use and b} the new type portable cellular phone for public use. The
new cellular phones use digital data transmission and they have an automated access
to the wireless naetwork.,

communication for the general public possible. Examples of wireless network are cel-
lular networks for voice telephony like GSM. Fig. 1.1b shows a photo of a portable
handset for wireless telephony. The intreduction of the GSM system has already had
in many countries a serious impact on the personal communication of people and yet
itis only a faint example of the many new wireless services for personal use that may
be expected in the future. Applications will range from low-cost wireless e-mail ser-
vices, over wireless identification and tracking systems (RFID), to full-blown portable
multi-media terminals. These services will not only be available for a selected group
of users, they will have a very wide penetration and this will in turn also have a large
impact on the information content that will be available via these services, The pre-
dicted market growths are enormous [Neuvo ESSCY6].

'Transparent wireless networking is only one aspect necessary for a widespread
introduction of wireless communication services, Cost price is of course also a very
important aspect [Wenin ESSC94]. When wireless terminals can not be intreduced
at a price below 300 US$, their use will still remain limited to privileged users. The
price of wireless interfaces that are integrated as part of a much larger system, like
for instance a portable computer or personal digital assistant, will have to be even
lower. Prices of 100 US$ and lower per wireless interface musi be achieved. Another
important aspect is weight (or volume) and linked 1o this power consumption (a lower
power consumption means smaller, and thus cheaper and lighter, batteries). Wireless

15




4 CMOS WIRELESS TRANSCEIVER DESIGN

terminals are only interesting for a large public when they can be used practically
anywhere and at any time, This implies handheld terminals with a low weight {below
200 g). Again, terminals part of a larger system will have to have an even lower weight
{down to 50 g and below).

1.3 FULL INTEGRATION AND CMOS TRANSCEIVERS

These new evolutions in wireless communications set new requirements for the wire-
less interfaces, the (ransceivers (transmitler-receivers). A very high degree of inte-
gration, a lower power consumption and the use of a lower power supply are the
goals set for new developments in wireless transceiver design. The integratability and
power consumption reduction of the digital part will further improve with the contin-
ued downscaling of technologies. It is also the digital part that benefits most from
a reduction of the power supply voltage. The bottleneck for further advancement is
the analog front-end. The analog front-end forms the interface between the antenna
and the digital signal processor . For the analog front-end, integratability and power
consumption reduction are closely related to the physical limitations of the transceiver
topology and to the used technology.

Present-day transceiver often consist of a three or four chip-set solution combined
with several external components. This is evolving rapidly to a two chip-set solution
(one for the analog signal processing and one for the digital signal processing) with
some external components [Stetz ISSCC93, Marsh ISSCC95]. The required number
of external components is linked to the physical limitations of the analog front-end
topology. A further reduction of the number of external components is essential to
obtain a lower cost, power consumption and weight, but it will require a fundamen-
tal change in the design of analog front-end architectures. The development of new
front-end architectures that can be fully integrated (without requiring any external
component) and which have at the same time a high performance, is necessary for the
further evolution to a new generation of wireless transceivers. In this book this topic
is researched and several new architectures are infroduced.

An even further step in the evolution of wireless transceiver design will be the real-
ization of the complete transceiver (analog and digital signal processing) on one chip.
Apart from the problem of interference of digital switching noise on the analog signal
processing, which is a problem for the realization of any mixed analog-digital design,
there is also a problem of incompatible technologies. The analog front-end requires
a high performance technology, like GaAs or silicon bipolar, with devices which can
easily achieve operating frequencies of more than 2 GHz. For the digital signal pro-
cessor a small device feature size is essential. It implements complex algorithms and
this requires the implementation of a huge number of transistors. Therefore, only the
best submicron CMOS technologies allow for a feasible and cost-effective integra-
tion of the DSP. The use of a BiICMOS technology for the integration of a complete

16




WIRELESS COMMUNICATIONS 5

wireless transceiver is not a solution. The chip area occupied by the analog part is
only a fraction of the chip area occupied by the digital part. The feature size of the
MOS wransistors is even in the best currently available BiCMOS processes always a
bit larger than in the state-of-the-art CMOS processes. Using a BiCMOS process to
improve the performance of a very small part of the transceiver (the analog front-end)
will go at the cost of a serious increase of the total chip area, which will result in
an unacceptable cost increase. The evolution of CMOS technologies to sub-micron
and deep sub-micron can bring a solution to this problem. Achieving frequencies
of more than 2 GHz becomes also possible with the devices of these new advanced
technologies. The use of CMOS technologies for the realization of analog transceiver
front-ends will require the development of new circuit design techniques in order to
achieve a transceiver performance equal or better than present-day realizations. In this
book circuit design techniques for high frequency analog transceiver design in CMOS
technologies are researched and discussed. Many chip realizations are presented.

1.4 THE PRESENTED WORK

'The goal of the research project described in this book is to realize a fully integrated
one-chip transceiver to be used in portable and low cost applications. The emphasis
lies on achieving a very high degree of integration (a true single-chip solution which
does not require external components, nor any tuning or trimmin g) without doing this
at the cost of a lower performance (target applications are GSM, DCS 1800, DECT,
) or higher power consumption. The second goal is the realization of this transceiver
in a CMOS technology, a vital step towards a low cost implementation and the future
integration of the complete transceiver system (both the analog and digital part) on one
chip. In this book results on the following research topics are therefore presented :

@ The development of new receiver topologies

Both the classically used IF and zero-1[ receiver topologies have their advantages
and disadvantages concerning integratability and performance. Therefore, a new
receiver topology, called the low-IF receiver, is developed as part of this research.
Not only is this new receiver topology developed, but at the same time a new anal-
ysis and synthesis technique for receiver architectures is proposed. [t is based on
the use of complex signals and gives a clear insight in all the effects that reduce the
performance of a receiver, With this technique several new receiver topologies are
synthesized. These new topologies all have the property that they combine the ad-
vantages of the two classical receiver structures : a very high degree of integration
with a high performance, without an increase of the power consumption.

Characterization of the relationship between the performance and the power
comsumption of a receiver
The minimization of the power consumption reduces also the battery size and cost

17
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in portable applications. A full characterization of all sources of receiver perfor-
mance degradation (noise, distortion, crosstalk, ... ) is done and a moedel for their
relationship with the power consumption is worked out. An important aspect of
the presented research is the development of high-level behavioral models for the
different types of receiver building blocks which describe the relationship between
their high-level specifications and their power consumption.

Development of a high-level synthesis technigue for receiver topologies

With the aid of high-level behavioral models for building blocks, it becornes pos-
sible to develop an optimization method for receiver topologies. This makes a fast
evaluation of the qualities of a certain receiver topology for a certain application
possible and it enables the automated translation of high-level receiver specifica-
tion to the most optimal building block specitications.

The development of new transimitter topologies

The degree to which transmitters are integrated today, is still fairly low. Critical
parts are the upconverter and the power amplifier. In this book new transmitter
topologies are developed and presented. The main goals are a low sensitivity to
non-linearities and an excellent power efficiency at high frequencies.

The design, realization and testing of new types of building blocks needed for
the newly developed receiver and transmitter topologies

The main part of the presented research is the actual design and chip realization of
building blocks for transceivers. With these chip realizations the feasibility of new
building block types, which are necessary for the development of the new receiver
and transmitter topologies, is illustrated.

The design, realization and testing of high performance CMOS circuits for
high frequency transceivers

A second aspect to the presented chip realizations is that they are always imple-
mented in full CMOS processes. In this way the feasibility of the use of CMOS
processes for high frequency (1 to 2 GHz) RF applications is illustrated. Many
new techniques have to be developed to achieve these high-frequencies with to-
day’s sub-micron processes. The goal is not only the realization in CMOS, but
also the achievement in CMOS of performances which are better than the existing
alternatives.

The realization of a fully integrated one-chip transceiver

The final goal of the presented research is a first realization of a fully integrated
one-chip transceiver in CMOS which requires no external components. This re-
alization can he used o study and evaluale the interaction between its different
building blocks and in this way it can form a starting point for future rescarch on

18




WIRELESS COMMUNICATIONS 7

the realization of a fully integrated transceiver. In order to achieve a high perfor-
mance, this chip uses the presented newly developed topologies. The specifications
for the different building blocks are such that the overall power and area consump-
tion is minimal. As an example and in order to show that the developed methods
can indeed be used for high performance applications, the chip is designed to fully
comply with the GSM specifications.

S i
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2 TRANSMITTERS AND RECEIVERS

2.1 INTRODUCTION

A few years ago the world of wireless communications and its applications started to
grow rapidly. The introduction of digital data transmission in combination with digital
signal processing and a digital signal flow control, has created the breeding ground for
the development of many new wireless applications. High quality digital networks for
voice communication with global and local coverage, like the GSM and the DECT
system, are only faint and early examples of the wide variety of wireless services that
will become available on a large scale in the remainder of this decade. Applications
will vary from very cheap low-end wireless e-mail services, over general purpose wire-
less identification and tracking systems, to fully equipped high performance portable
multi-media terminals.

These new evolutions in wireless communications set new requirements for the
transceivers used in its applications. Higher operating frequencies, a lower power
supply voltage, a lower power consumption and a very high degree of integration, are
new design specifications which ask for design approaches quite different from the
classical RF design techniques. New digital techniques allow for the use of complex
modulation schemes and elaborate demodulation, encryption and error correction al-

9
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10 CMOS WIRELESS TRANSCEIVER DESIGN

Information Transceiver Transceiver ' Information

- e -

Medium

Figure 2.1. The basic configuration of a communication system, showing transceivers

- and the communication channel,

gorithms, resulting in high-quality wireless links with low bit-error rates. In these new
transceivers it is the analog transceiver front-end, the part which performs the inter-
facing between the antenna and the digital signal processing, that forms the bottleneck
for further advancement. The analog receiver has to convert in successive stages of
filtering, amplifying and downconverting, a high frequency, very high dynamic range
signal into a low frequency, low dynamic range signal that can be sampled easily. The
transimitter has to upconvert a signal to the same high frequency with a very good
lincarity and a large output power. Integratability and power consumption reduction
of the digital part will further improve with the continued downscaling of technolo-
gies, but this is completely different for the analog front-end, for which integratability
and power consumption are closely related to the physical limitations imposed by the
transceiver topology and not by the used technology.

2.2 TRANSCEIVERS

A transceiver (transmitter-receiver) is the two-way interface between an information
source and the communication channel which will be used to exchange the informa-
tion. Fig. 2.1 shows this basic configuration that holds for any communication system.
The transmitter translates a data stream into a form which is suited for the communica-
tion channel. This translation is called modulation. During the process of modulation,
information will be reordered and reformatted. It is also possible that extra information
is added. In this way the signal can be adapted to the specific needs of the communi-
cation channel concerning frequency and time domain spectrum. A good adaptation
of the transmitted signal to the channel is necessary to obtain a high quality commu-
nication link. The receiver performs the reverse operation, called demodulation.
There are many different types of communication systems. Examples vary from
twisted-pair analog telephony, over optical fiber broadband ISDN networks, to cell-
based digital wireless mobile networks. Bach system has ils typical behavior and
therefore has its own demands for such things as frequency spectrum, time spectrum,
data parallelism and required communication quality. All wireless applications have
two aspects in common : they operate in a passband around a carrier frequency and
the carrier frequencies are constantly increasing with every newly introduced appli-
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TRANSMITTERS AND RECEIVERS 11

cation (GSM operates for instance in a 30 MHz band around 890 MHz). Both are
closely related to the fact that all wireless applications have to share their medium :
electromagnetic waves through open air. Band limited operation prevents interference
between the different applications and the use of higher and higher operating frequen-
cies 1s, in combination with lower transmit radii and smaller cells, the only way to
obtain more bandwidth. Both aspects have a very big impact on the specific nature of
transceivers for wireless applications.

2.3 INTEGRATED RECEIVERS

The specific nature of wireless communication channels (passhands around high oper-
ating frequencies) makes that almost all receiver types for wireless applications consist
of two main parts : a front-end which performs the frequency downconversion and a
back-end part in which the actual demodulation of the signal is performed. A third
part, called the user-end, transforms the received information into a form suitable for
the user. This part is however not considered to be part of the receiver. Over the
years many different receiver types have been developed for many different applica-
tions. Their basic way of operation is however always the same. Fig. 2.2 shows this
basic configuration : the downconverter brings the antenna signal down from its high
operating frequency to a suitable, lower, frequency on which then the demodulation
can be performed in an elegant way (remark that the values indicated on this figure
and on any other receiver or transmitter block schematic shwon in this chapter are not
directly related to an existing realization; they are shown to give the reader an indi-
cation of their magnitude in a typical application). The antenna signal consists of a
very broad spectrum of many different information channels and noise sources. The
wanted signal is, in its modulated form, only a very small part of this broad spectrum.
The front-end part converts this antenna signal in a signal that can be demodulated by
the back-end part in a feasible way.

2.3.1 Downconversion in the Front-End

The receiver front-end has to be able to downconvert very small signals (e.g. a band-
width of a few 100 kHz and an amplitude which can be as low as 5 £V, s) from a
high operating frequency (typically between 900 MHz to 2.4 GHz) to a much lower
intermediate frequency (typically 10 MHz or lower) or to the baseband, where it can
be demodulated (more information on the specifications for wireless communication
system is given in chapter 5). This small signal is present in a noisy environment
and it can be surrounded with other signals which can be as large as 300 mV 5. This
requires from the front-end a high operating frequency and, at the same time, a highin-
put dynamic range. These specifications make that the front-end is always realized as
an analog circuit which mainly consists of mixers, filters and variable gain amplifiers
which, in successive stages, further and further filter the antenna signal and downcon-
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Figure 2.2. The basic configuration of a receiver for wireless communications.

vert it to lower frequencies to become finally a low frequency signal that consists only
of the modulated wanted signal.

2.3.2 Demodulation in the Back-End

The demodulation technique that will be used in the back-end part of the receiver
will mainly depend on two things : the modulation technique that is applied and the
type of front-end that is used. It is obvious that the type of demodulator depends on the
modulation that has been performed : for an FM modulated signal an FM demodulator
is required and for a QPSK modulated signal a QPSK demodulator is required [Shanm
1979, Grone TCOM76, Muro TCOMS1]. ,

A front-end has no influence on the form of the wanted signal (see section 2.3.1),
but it does determine the center frequency at which the wanted signal is provided to
the back-end part. There are two possibilities. The wanted signal is provided either on
an IF frequency or it is provided as a quadrature baseband signal.

Today, most new wireless applications use digital data communication. Digital
wireless has many advantages such as high quality communication due to signal regen-
eration and error correction systems, computer control of the communication and inte-
gration of different services in one application. Fig. 2.3 shows the block schematic of a
typical transceiver for a digital wireless application [Stetz ISSCC95, Marsh ISSCCY3].
In a receiver for a digital wireless application the demodulation is always performed
in a digital signal processor (DSP) [Salla ISSCC90]. Almost all these DSP’s perform
the demodulation on a quadrature baseband signal. The {ront-end for a digital wire-
less receiver must therefore produce these baseband quadrature I and Q@ signals. This
however not necessarily has to be done in an analog way. The wanted signal may be
downconverted to an intermediate frequency (IF, e.g. 10.7 MHz). After sampling, it
can then be further downconverted to the baseband in the DSP [Chien JS5C94]. Thus,
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in this case, the final part of the front-end is digital. This situation is shown in fig. 2.4.

2.4 RECEIVER FRONT-END ARCHITECTURES

24.1 Héterddyne or IF Receivers

The heterodyne receiver is without any doubt the most often used receiver topology
[Shanm 1979, Okan TCE82]. It has been in use for a long time already and its way of
operating is very well known. Its main feature is the use of an intermediate frequency
(TF frequency). For this reason the heterodyne receiver is often also called the IF
receiver. The latter phrasing will be used in this text.

2.4.1.1 The Single-Stage IF Receiver. In fig. 2.5 the schematic representation of
a single-stage IF receiver's topology is given, The wanted signal is downconverted
from its carrier frequency to the intermediate frequency by multiplying it with a single
sinusoidal signal. It can then be demodulated on this frequency or it can be further
downconverted. In a single stage version it will not be further downconverted.

The main disadvantage of the IF receiver is that, apart from the wanted signal,
also an unwanted signal, called the mirror frequency, is converted to the IE This is
illustrated with fig. 2.6. When the wanted signal is situated on f;, the mirror frequency
is at f, + 2f;. BEquation 2.0 gives the calculation of this effect. The mixer gives a
frequency component on f; for f; = f. and f, = f. + 2f;. The antenna signal a(z)
is in this calculation a phase modulated signal and equal to cos(2m f.t + m{t) + ¢).

a(r) x sin(Q2m(f, + £t + ¥)
= cos(2rr fit + m{t) + @) x sinQ2u(f. -+ fi)t +¥)
= L [sin@r(fy + fo + fOr + m@) + ¢+ )
—sinQ2u{(fy — fo — fidt + m@t) + ¢ — )] 2.1)

The mirror frequency has to be suppressed before it is mixed down to the IF. This is
done by means of a high frequency (HF) filter. Such an HF filter can only be realized
when the intermediate frequency f; is high enough because the wanted signal (on f,)
must be relatively far away from the mirror frequency. Even when the ratio f./f; is
as small as 10, the specifications for the HF filter are very severe. The HF filter must
have a very high quality factor @ (50 to 100, O is defined as the center frequency
over the bandwidth), it must have a sufficiently high order (up to 6% order for high
quality applications) and in some cases the center frequency must be tunable. A fil-
ter with these specifications can not be integrated. The accuracy requirements would,
for a O of 20 or more, be much too high for an integrated filter because their power
consumption is proportional to Q% [Groen CAS91, Voorm 1993], resulting in totally
unacceptable power consumption specifications. HF filters are therefore always real-
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Figure 2.4. Front-end where the final downconversion from IF to baseband is per-
formed in the digital dornain.
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Figure 2,5,  Block diagram of a single-stage IF receiver.
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Figure 2.6. The frequency translations performed by mixing in a single-stage IF re-
ceiver.

26




16 CMOS WIRELESS TRANSCEIVER DESIGN

ized as discrete off-chip components, but these are very expensive and vulnerable in
use. Off-chip components require extra handling, extra board space and an increased
pin-count and they reduce board yield. Their power consumption is high because they
have to be driven at a low impedance (e.g. 50 £2) to compensate for the large parasitic
capacitances inherently present due to their large physical size. '

Once the signal is downconverted to the IF, it has to be further filtered in order
to obtain only the wanted signal. This filter must also have a sufficiently high ¢
(e.g. 50) and order (8™ or 10" order). Integrating these IF filters is also very hard.
Although ever more analog integrated IF filters are published [Silva JSSC92, Silva
KUL92, Wang ISSCC89, Wang JSSC90], due to their intrinsic lower power consump-
tion ceramic resonators are still used in most applications. Again, these are high
quality discrete components and their use is very expensive compared to integrated
components.

2.4.1.2 Multi-Stage IF Receivers. The operating frequency of newly introduced
wireless applications is constantly increasing (from 900 MHz, to 1.8 GHz, to 2.4 GHz,
to ...). The signal bandwidths however stay the same (between 200 kHz and 2 MHz).
The same goes for the total bandwidth reserved for the application (10 to 50 MHz).
The ratio between the operating frequency and the wanted signal bandwidth increases
and this makes it harder and harder to use a single stage IF receiver. Going for instance
directly from a 900 MHz operating frequency to a 10 MHz IF is impossible. The ratio
is about 100, which would require from the HF filter a quality factor.@ of 1000, a value
that can not even be realized with very accurate discrete components. The single stage
IF receiver is therefore unsuited for all newly introduced wireless applications.

A solution is the use of more than one IF stage. From stage to stage the wanted
signal is further and further downconverted until the final IF is reached. The ratio
between the operating frequency before and after a downconversion is always kept
lower than 10. In order to avoid the need for dynamic tuning of the HF filter it is most
of the time even kept lower than 5. An example : a signal at 900 MHz may in a first
stage be downconverted to a first IF of 250 MHz, from there it is further filtered and
downconverted to 50 MHz and in a final stage it is then downconverted to 10 MHz.
Each downconversion stage has the same mirror frequency problem typical for the IF
receiver and extensive filtering between stages is still necessary. These filters have still
ahigh center frequency and a high @ and they will therefore all be discrete. This is the
major drawback of the multi-stage IF receiver : its signal needs Lo go through many
off-chip components which makes it vulnerable, expensive and sensitive to external
parasitic signals. Its power consumption will be increaséd due to the many off-chip
components which have to be driven at a low impedance.

27




TRANSMITTERS AND RECEIVERS = 17

PSD

LO

‘ Wanted
% Signal

w F;aq

fo

Figure 2.7.  Frequency translations in an IF receiver when the IF is zero.

2.4.2 Homodyne or Zero-IF Receivers

In zero-IF receivers the wanted signal is directly downconverted to the baseband. The
IF is chosen to be zero, In this case the signal on the mirrer frequency is the wanted
signal itself. This does however not eliminate the problem of the mirror frequency.
Both signals, the wanted signal and the signal from the mirror frequency, are not the
same. They are each others mirror image, Fig. 2.7 shows that this results in the lower
and upper sideband being placed on top of each other in the baseband, which means
that they become inseparable.

This problem is solved by doing the downconversion twice. Once with a sine and
once with a cosine. This is called quadrature downconversion. The topology of a
zero-IF receiver is given in fig. 2.8. In equations 2.2 and 2.3 the downconversion of an
antenna signal a(¢) is calculated.

u;(t) = a(@) x cos(2mf.t +¥r)
ug(t) = a(t) xsinQrft + ) 2.2)

The criginal signal m(¢) can, in case of phase modulation (see equation 2.0), be found
as the angle of the vector (v,-(t), vy (t)), a lowpass filtered version of (u,-(t), uq('.t)).

v, ()
v; ()

The demodulation in a DSP can be done by means of an angle measurement algorithm.
The CORDIC algorithm is an example of such an algorithm [Havi JSSC80].

The advantages of zero-IF receivers are obvious. There 1s no need for high ¢ HF or
IF bandpass filters to suppress mirror signals. Nevertheless, in most zero-IF receiver
designs an HF filter is still used to reduce the dynamic range requirements for the
downconverter and prevent mixing of the RF signal with harmonic components of the
LO signal. The lowpass filters, required after the downconversion mixers, can easily be

m(t) = arctan ( ) + P — ¢ 23
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Figure 2.8.  Block diagram of the zero-IF recsiver.

realized as analog integrated filters. Another advantage of the zero-IF receiver is that
the downconverted signals are delivered to the DSP as baseband I and Q quadrature
signals, which results in the lowest possible A/D-converter requirements.

The precision with which both demodulation paths (I and Q) can be matched deter-
mines how good the mirrored signal can be suppressed. The specifications on mirror
suppression for a zero-IF receiver are not as severe as they are for an IT receiver. In an
IF recetver extra suppression is needed because on the mirror frequency the signal can
be bigger than the wanted signal. This is not possible in the zero-IF receiver where the
mirror signal is a frequency mirrored version of the wanted signal. However, a mirror
signal suppression of 25 dB is still needed in a good quality zero-IF receiver [Rab
ACD93]. The zero-IF receiver is thus sensitive to matching and to phase and am-
plitude error in the quadrature oscillator. It is due to this need for good matching
properties that the implementation of the zero-IF receiver has only become feasible
since the introduction of the trend towards on-chip integrated design of receivers.

Another problem in zero-IF receivers are parasitic baseband signals which are cre-
ated during downconversion. They are mainly the result of the crosstalk between the
RF and LO inputs of the mixers. The multiplication of the LO signal with itself results
in a DC (or almost DC) signal. This DC-offset is superimposed on the wanted signal
in the baseband. It can only be removed by means of very long time constants (at
least 1/10 of a second [Brown ICLMR85]} and it always results in the loss of a part
of the wanted signal. This has an effect that is comparable to distortion because low
frequency information correlated to the wanted signal is removed [Brown JICLMRS5].
The distortion will be lower and of an acceptable level if the time constant is longer
(e.g. 1s), but this long time constant makes the settling time of the complete receiver
system too long. For instance, at each change of the carrier frequency the receiver
would have to settle for at least a second when a highpass filter of 1 Hz is used. Fur-
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Figure 2.9. Dynamic suppression of parasitic DG-signals in a zero-IF receiver by
means of a DSP.

thermore, long time constants can not be integrated with an analog implementation
technique because of the large capacitor area that would be required.

The principle of zero-IF receivers has been already known for years [Weav IRE56].
It was however the DC-offset problem that have kept the zero-IF receiver from use in
practical applications. It is only with the introduction of DSP’s that for some specific
applications this problem has found a solution [Seven CICC91, Rab ACD93]. In
the DSP a complex non-linear algorithm can be realized that determines the DC-level
dynamically. This value can then be fed back to the analog part. This is shown in
fig. 2.9. In this way saturation of the lowpass filters is prevented and the distortion is
kept acceptable. -

At high operating frequencies there will be crosstalk between the two inputs of
a mixer. This is caused by capacitive coupling or is, in a fully balanced mixer where
the differential structure reduces the crosstalk, due to mismatch in capacitive coupling.
The crosstalk between the LO and RF inputs of a mixer results in a DC-voltage caused
by multiplication of the LO signal with itself (az ¢ is the sinusoidal LO signal) :

. Acm.\'.\'ra!k AL -4aLo
Acrossrat - ALo Sin@2w fr o) - Apo sin(2r frot) =
1 sin{drfio r).)

2
Acm.\'.vmlk ' ALO : (_ +

7 > (2.4)

This crosstalk however does not only result in a parasitic DC signal. The multiplica-
tion of the RF signal with itself results in broadband parasitic baseband signal (twice
the bandwidth of the RF signal). A considerable part of the power of this signal is
situated in the lower baseband. This is an unwanted effect because this means that this
signal too is superimposed on the wanted baseband signal and once this is done these
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- two signals can not be separated anymore. Fig. 2.10 shows this effect in the frequency
I domain. It is the result of the convolution of the signal with itself. The actual ampli-
| tude and power spectral distribution (PSD) of this parasitic baseband signal depends
I on the PSD of the RF signal and on whether or not the RF signal is self-correlated.
The two cases are discussed.

m  No self-correlation
When a signal is not self-correlated it means that there is no correlations between
any two frequency components of the signal. In other words : there is no relation-
ship between the amplitude and phase of one frequency component and the ampli-
tude and phase of another frequency component of the signal. All four parameters
can vary independent.

w Total self-correlation
qo Total self-correlation means that there is a relationship between the amplitude and
I phase of each frequency component. None of them can be varied independently.

An RF signal is, in general, only limited self-correlated. It is self-correlated within
small bands. The RF signal is the antenna signal that may already have gone through
one filtering step. It has therefore a bandwidth between 10 MHz and 200 MHz. It con-
sists of a collection of signals with a small bandwidth (called channels, with a band-
width from 200 kHz to 2 MHz) which have total seif-correlation, but which are not
correlated with each other. The correlation bandwidth of a signal is defined as the max-
imum space between two correlating frequency components. Frequency components
further apart will not correlate. In the case of an RF signal, its correlation bandwidth
is equal to the channel bandwidth (or a weighted average of channel bandwidths when
channels with different bandwidth are included). A signal with no self-correlation has
a cormrelation bandwidth of 0 Hz.

The power spectral density (PSD) of the square of a signal (caused e.g. by self-
mixing) is for a signal with no self-correlation equal to the convolution of the PSD
of the sigal with itself. This is not the case for a self-correlated signal. Correlation
between its frequency components may either cause an increase or decrease of the
PSD of its square. Due to the wanted effect of the self-correlation this will often
be an increase. The parasitic signal cansed by RF-to-LO crosstalk will therefore be
a combination of the two effect. This is shown in fig. 2.11. A large porticn of the
i |‘ power will be situated at fow frequencies. It can be said that this is the case because
the information sources (the channels) within the RF signal are of a low frequency
nature. The fact that most of the power of the parasitic signal generated by RF-to-1.0
crosstalk 15 situated at low frequencies poses again a problem for the zero-IF receiver
whose wanted signal is situated at baseband.
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Figure 2.10. The parasitic baseband signal due to crosstalk between the RF and LO
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Figure 2.11. The power speciral density of the parasitic baseband signal caused by
RF-to-LO crosstalk.
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2.4.3 Combined Architeclures

The zero-IF receiver topology is, due to its direct downconversion topology, highly

. sensitive to parasitic baseband signals. It is for this reason that the zero-1F receiver

has been used until now in only a very limited number of realizations [Rab ACDS3,
Min CIEC94]. Today, the teceiver topology that is most commonly used for newly
introduced applications in the 900 MHz to 2 GHz range is the combined IF zero-IF
topology [Stetz 1SSCCY5, Marsh ISSCCY5]. The antenna signal is downconverted to
a first TF, which is still at a relative high frequency (c.g. from 900 MHz downconverted
to 350 MHz), and from there it is further filtered and then directly downconverted with
a quadrature downconversion to the baseband. The transceiver shown in fig. 2.3 uses
a combined IF zero-IF receiver.

This approach has, compared to the multi-stage IF receivers, the advantage that the
number of stages and external filters is reduced. There is only one IF stage and there-
fore only 2 HF filters and 2 oscillators and mixer stages. It has also the advantage that
the output are already quadrature baseband signals so that the wanted signal does not
have to be sampled on the 1F anymore. Compared to the zero-IF receiver, it has the
advantage that, because of the lower frequency from which the direct downconversion
is performed, the crosstalk between mixer inputs, caused by capacitive coupling, is
reduced. At the same time the wanted signal can be amplified more due to the bet-
ter filtering at the IF. This gives the wanted signal a higher amplitude and a smaller
sensitivity to parasitic signals after downconversion to the baseband.

2.4.4 New Receiver Architectures

The only receiver topologies which are used today are the IF receiver (single or multi-
stage), the zero-IF receiver and combinations of both. So, it may scem that, apart
from such an obvious but unrealizable solution like direct broadband A/D-conversion,
these are the only possible receiver topologies. This is not true. The development of
new receiver topologies starts from the perception that it must be possible to realize
a receiver which combines the advantages of both known receiver types (the IF and
the zero-IF receiver). If one would use two downconversion paths in an IF receiver,
all required information for the separation of the wanted signal from the mirror signal
would still be available in the two IF signals, as it is in a zero-IF receiver. In this way
it must be possible to postpone the mirror suppression from the high frequency part
to the intermediate frequency part. In other words : a quadrature downconversion (o
an TF instead of direct downconversion must be possible. A high quality HF filter for
mirror signal suppression would in that case not be necessary anymore and the use of
a high IF would also not be required anymore, while at the same time, the receiver
would not use baseband operation, eliminating in this way the typical problems of the
zero-IF receiver.
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Although the concept for new receiver topologies has been proposed in the previous
paragraph, it is still not clear how such a receiver can be realized. In [Kaspe PTR83]
a receiver which uses a low IF and no high frequency mirror signal suppression was
presented. It is however based on the property, typical for FM public radio broadcast-
ing at 100 MHz, that there is never a mirror signal at 150 kHz from the wanted signal
and that, at the cost of a lower performance, the bandwidth of an FM signal can be
reduced (in this case from 100 kHz to 75 kIz). In this topology there is no mirror
signal suppression at low frequency and it brings therefore no real solution to the pre-
viously made suggestions. In [Okan TCE92] a receiver topology for FM public radio
broadcasting with true mirror signal suppression at a low IF was presented. A discrete
realization and the use of a mirror signal suppression technique which is not suited to
obtain a high mirror signal suppression lead however again to a limited performance.
It is therefore necessary that a new and general theory is developed that analyzes how
the infermation available in both IF signals can be used to separate the wanted signal
from the mirror signal after downconversion. The next chapter, chapter 3, introduces
the complex signal technique for analog multi-path systems. This technique is a key
concept for the analysis and synthesis of receiver topologies. In chapter 3 receiver
topologies which use quadrature mirror signal suppression at low frequencies are de-
veloped with this method, but also many other new receiver topologies are developed
and their advantages and disadvantages are discussed.

2.5 INTEGRATED TRANSMITTERS
2.5.1 The Modulator

The operation of a transmitter can, similar to the receiver, also be split into two parts :
the back-end which performs the modulation of the information and the front-end
which performs the upconversion of the modulated signal to its carrier frequency.
Fig. 2.12 shows this basic configuration. The information, generated in the user-end,
is transformed by the modulator into a form which is suited for the wireless communi-
cation channel. Again, only digital modulation techniques are considered here as these
have become the most widely used for all newly developed wireless applications.

Similar to what was discussed for receivers in section 2.3.2, there are basically two
ways in which the digital modulator is interfaced to the upconverting front-end. Either
the modulated signals are delivered to the upconverter as quadrature baseband signals
or they are converted to the analog domain on an intermediate carrier frequency. The
latter technique is called ‘direct digital synthesis’ [Andre ISSC92].

Fig. 2.13 shows an upconversion front-end which uses direct digital synthesis. The
first upconversion, a quadrature upconversion, is performed in the digital domain. The
advantage of this technique could, similar to what was discussed for receivers in sec-
tion 2.4.2, be that there is no baseband operation anymore, making in this way the
transmitted signal much less sensitive to parasitic baseband signals. This is not the
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Figure 2.12. The basic configuration of a transmitter for wireless communications; the
reverse operation of a receiver.
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Figure 2.13. A transmitter front-end using direct digital synthesis.

case. The big difference between a receiver and a transmitter is that in a transmitter
the only signal present is the wanted signal. The wanted signal is then of course the
largest signal present and this imposes only low dynamic range requirements on the
transmitter’s components. In a receiver the wanted signal can be a very small signal
situated next to a very large signal, resulting in the need for a very high dynamic range
of its components. The conclusion is that a transmitter is much less sensifive to par-
asitic signals which are not correlated with the wanted signal. This already indicates
why there is no need for the development of new transmitter topologies which avoid
baseband operation.

The advantage of direct digital synthesis is that the quadrature upconversion is ei-
ther performed in the digital domain or that it is performed implicitly in the DSP by
using an algorithm which does not require quadrature upconversion. The quality of a
quadrature upconversion is highly dependent on the matching between the two paths,
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Figure 2.14.  The heterodyne topology for transmitters.

It is impossible to achieve perfect matching in the analog domain, while this can be
achieved without any problem in the digital domain.

2.5.2 The Upconverter

2.5.2.1 Heterodyne Upconversion. The heterodyne transmitter topology is, even
today, still the most often used transmitter topology. Its basic structure is shown in
fig. 2.14. The difference between a heterodyne receiver and a heterodyne transmitter
is that the transmitter not necessarily requires an IF filter. In the receiver this filter
performs the suppression of all adjacent channels, but in a transmitter only the wanted
signal is present and whether or not filtering before upconversion is required depends
only on the quality with which the modulated signal on the intermediate carrier fre-
quency is generated. A filter on the IF frequency can be used for instance to suppress
aliasing products.

The heterodyne upconverter requires thus only a high frequency filter for the sup-
pression of the mirror signal. Such a filter is necessary anyway for any type of trans-
mitter in order to suppress sufficiently out-of-band parasitic signals like harmonic
components. The integratability of the heterodyne transmitter therefore would not
be so bad. There is however a problem. A single-stage heterodyne transmitter can
only be used when the intermediate carrier frequency of the modulated signal gener-
ated with the direct digital synthesis technique is high enough. An application working
at 900 MHz will for instance require an IF of 200 MHz or more to obtain sufficient
suppression of the mirror signal with a standard HF filter. Direct digital synthesis
at such a high frequency has been reported [Tan JSSC95], but in general it is very
hard to achieve. The only solution which remains is the use of a lower frequency for
the DDS and a multi-stage heterodyne upconversion topology. The result is however
again a low integratability, due to the need for many off-chip bandpass filters, and a
high power consumption, needed to drive these off-chip passive components.
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Figure 2.15.  The direct upconversion topology for transmitters.

2.5.2.2 Direct Upconversion. The direct upconversion transmitter directly upcon-
verts the modulated baseband signals to their carrier frequency, equal to the local
oscillator frequency. Fig, 2.15 shows this topology. The direct upconversion topology
can be integrated in a much better way than the classically used heterodyne structure
because there is no need for the suppression of any mirror signal generated during up-
conversion. In the direct upconversion topology the upper and lower sideband of the
wanted signal are each others mirror signal and unwanted interference is prevented by
doing the upconversion in quadrature.

The disadvantage of the direct upconversion structure is the fact that its local os-
cillator frequency is equal to the carrier frequency of the wanted signal. This has two
drawbacks. First, the crosstalk of the LO signal to the RF output of the upconversion
mixers will be transmitted. It is situated at the same frequency as the wanted signal
and therefore it can not be suppressed by means of a bandpass filter at the output.
The other drawback is the self modulation of the local oscillator that may occur. The
wanted signal is upconverted to its carrier frequency and then amplified with a power
amplifier to obtain the necessary signal strength for transmission. In some applica-
tions the output power of the transmitted signal can be as large as 2 Watt, Such a
large signal can easily couple with the sensitive local oscillator when both have the
same frequency. The effect will be a of the local oscillator frequency, resulting in a
performance 1oss,

A solution can be found in the use of combined direct upconversion heterodyne
topologies [Stetz ISSCC95, Marsh ISSCC95]. In these topologies the baseband sig-
nals are directly upconverted to an IF of e.g. 400 MHz and from there they are further
upconverted to their wanted carrier frequency. The drawback is a reduced integrata-
bility. In chapter 3 new transmitter topologies are developed which combine the ad-
vantages of a very good integratability with a good performance, by using a local
oscillator frequency significantly different form the wanted signal carrier frequency.
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2.6 CONCLUSION

Wireless applications have an important property : they all share the same communica-
tion medium, free air. The consequence is that they have to operate in a small passband
around a center frequency dedicated to their specific application. This bandpass oper-
ation aflows for a clear split of the transmitter and receiver functionality in two patts,
respectively modulation and upconversion or downconversion and demodulation, The
modulation-demodulation (modem) function of a transceiver (transmitter-receiver) has
experienced enormous changes with the introduction of digital signal processing. Dig-
ital data transmission, digital modulation-demodulation and digital signal flow control
has led to high quality wireless applications and an improved frequency re-usability
due to cell based operation. The degree of integration of modem and its power con-
sumption has improved significantly and still improves with each introduction of a
new technology with lower feature sizes, leading to portable hand-held applications.

The bottleneck in this evolution is the analog front-end which forms the interface
between the antenna and the modem. It performs the up- and downconversion. With
each newly introduced application the spectrum gets more and more full and apart
from the use of cell based systems, the use of ever higher center frequencies is un-
avoidable. Today, new applications are situated at frequencies between approximately
1 and 2 GHz. These high frequency are a problem for the classically used heterodyne
up- and downconverters. In order to achieve a good performance they require more
intermediate frequency stages and each stage requires a high quality off-chip band-
pass filter and an on-chip driver that consumes a considerable amount of power to
drive these off-chip components. Integration is low and the power consumption and
cost price stay high. This is the opposite of what is required by the newly emerging
wireless applications. :

In view of these problems some progress has been made over the last years towards
a better integration of transceivers. Zero-IF receivers and direct upconversion trans-
mitters have been developed and implemented. Their operation is based on respec-
tively quadrature upconversion and quadrature downconversion. Both are multi-path
topologies which highly depend on matching between two parallel analog signal pro-
cessing paths. The trend towards integration of several RF signal processing blocks
on one chip has made their implementation possible.

Several problems, linked to the fact that they do a direct up- and downconversion,
remain however in these topologies and this has limited their use to specific applica-
tions which allow a lower performance of the up- and downconverters. The principle
of quadrature up- and downconversion and multi-path topologies can however be used
for much more than only direct up- and downconversion. What is needed is the de-
velopement of a general technique to analyze and synthesize multi-path topologies.
In the next chapter such a technique is introduced and used for the development of
several new receiver and transmitter topologies which combine the advantage of the
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classical heterodyne topologies (a high performance), with the advantages of the zero-

Qo IF receiver and the direct upconversion transmitter (a very high degree of integration,
H a low power consumption and a low cost price).
" I
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3 TRANSCEIVERS IN THE
FREQUENCY DOMAIN

3.1 INTRODUCTION : FILTERING, AMPLIFYING AND FREQUENCY
WARPING

A transceiver front-end has to perform three tasks in both the receive and transmit
path :

m The center frequency of the modulated wanted signal has to be changed from a
low frequency to a very high frequency (in the transmit path) or from the very high
frequency to a low frequency (in the recéive path).

m All unwanted signals situated outside the wanted signal channel have to be sup-
pressed so that they do not interfere with the correct operation of the wireless com-
munication link and the digital modem.

t m The signal levels have to be adjusted in order to obtain the highest possible perfor-
' mance.
[

The transceiver front-end does not make any change to the shape or form of the modu-
lated signal. This is done in the back-end at low frequencies by means of the modula-
tion and demodulation process. A receiver or transmitter will therefore almost always

29
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be realized as a string of operations where each operation is either one of these three
frequency domain operations :

m a filter, for the suppression of signals outside the wanted signal channel;
L] an'ampliﬁer, to adjust the signal level;
w g mixer, to chaﬁga the center frequency.

Mixers are in this scope actually the combination of both its driving oscillator and its
multiplication function. In this way all three functions can be regarded as single-input
single-output operators. A receiver and a transmitter are thus both a single chain of
operations in the frequency domain without any side branches.

From the previous conclusions it may seem that there are not many transmitter
and receiver architectures possible. They must after all be a sequence of one or more
times a bandpass filter, followed by an amplifier that re-adjusts the gain, followed by
a multiplication with a sine {or a near sine) generated by an oscillator. The design of a
transceiver consists then of a proper choice of the bandwidths of the bandpass filters,
the gains of the amplifiers and the frequencies of the oscillator. The only architecture
choice that can be made is in how many of these stages the up- or downconversion is
done. This is the design technique that has been used by most RF designers for the
last 50 years and it has led to the very wide spread use of the heterodyne receiver and
transmitter topology (both single- and multi-stage). '

The heterodyne topology is not the only possible transmitter or receiver architec-
ture. The heterodyne topelogy is not very well suited for integration and with the
increase of the operating frequencies this becomes even worse as more and more in-
termediate frequencies are required. The zero-IF receiver has been developed [Weay
IRES6], especially in the last few years [Seven CICCI1, Rofou CICC96], as an alter-
native receiver topology which does seemingly not consist of the cascade of bandpass
filters and mixers typical for heterodyne receivers. Its integratability is much better,
but it suffers some major drawbacks and this has limited its widespread use in wire-

1ess applications. It is therefore the combined IF zero-I¥ receiver that gives a good

trade-off between integratability and performance which is now the most widely used
topology in new transceiver realizations [Stetz ISSC(C95, Marsh ISSCC95].

The problem with the zero-IF receiver and the combined IF zero-IF receiver that
has been derived from it, is that in these topologies the quadrature approach is only
used for direct up- or downconversion. From this the conclusions could be drawn
that quadrature signals can only be used in direct conversion topologies. This is not
true. Quadrature signal and quadrature operators can be used, just as in a heterodyne
topology, as a sequence of several filtering, amplifying and mixing stages. It is even
possible to develop new analog signal processing blocks which operate on quadrature
signals and which have special properties in the frequency domain that only apply to
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quadrature signals. In order lo gain an insight in these effects, it is necessary that new
analysis and design techniques are developed.
In this chapter the complex signal technique is introduced. The complex signal
- technique is an analysis and synthesis technique which is used in different fields of
digital signal processing [Lee 1990, Lee IEEG92, Wack ASSP86]. Its key concept is
the use of multi-path signal processing systems which are analyzed as single path sys-
terns. Transmitter and receiver topologies which use quadrature signals are an obvious
example of such multi-path systems. With the proposed complex signal technique they
can be observed as a string of single-input single-output operators with no branches,
just like the heterodyne topologies. A logical consequence is that again, sequences of
filter, amplifiers and mixers can be built, but now also for multi-path signal processing.
The quality of multi-path signal processing depends heavily on how good the paral-
lel operations in each path are matched with each other. In digital systems this match-
ing can be perfect, in analog systems a perfect matching is impossible. In this chapter,
the complex signal technique’is therefore extended for the analysis of analog multi-
path system and a technigue which includes the effects of path mismatch is proposed.
The complex signal technique for analog signal processing will be used to analyze the
zero-IF topology, the most obvious analog multi-path system. Starting from this dis-
cussion several new receiver and transmitter architectures, based on analog multi-path
signal processing, will be proposed and analyzed, These newly proposed topologies
open the way to a new evolution in transceiver front-end design because their architec-
tures are such that they combine the advantages of both the heterodyne and the zero-IF
topology (i.e. a high performance, a very high degree of integration and a low power
consumption), rather than to give a good trade-off between them. :

3.2 THE COMPLEX SIGNAL APPROACH
3.2.1 Real Signals and their Properties

All electrical signals are real signals. The measured value of a voltage on a given node
renders for instance a real number. Measured in time this renders a real signal. The
properties of real signals are given in the following equation (with X (jw} the Fourier
transform of the signal x(¢)).

x(t) € R & X(jw) = X*(—jw) (3.1)

This means that the negative frequency components of a real signal are always the
complex conjugate of the positive frequency components. It is therefore pointless to
differentiate for real signals between positive and negative frequencies. There is after
all a one-to-one relationship between both. An example :

et _ e—jw,-t

x(t) = sin{w.1) = — (3.2)
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This real signal has a positive and a negative frequency component. It suffices to
know that the amplitude of the positive frequency component is 1/2, while its phase
is e.g. 90° . The negative frequency component has, for real signals, always the same
amplitude and the opposite phase (in this case -90°).

3.2.2 Compilex Signals and their Properties

A complex signal is defined as a pair of two real signals which may be totally indepen-

dent [Bout RFD89, Lee 1990]. It is a two-dimensional vector of real signals. In most

practical cases, this means that a complex signal consists of the voltage waveform on

two electrical nodes. Many different representations are possible. The complex rep-
Gl resentation, with a real and imaginary part, is preferred in this text. The voltage on
B one node will be assigned to the real part, while the voltage on another node will be
the imaginary part. Both signals can be totally independent, although in many ap-
plications they will be correlated in one way or another. Practical examples of such
complex signal can be found in systems which use multi-path topologies. For instance,
the quadrature I and Q signal in zero-IF receivers form a complex signal with I being
the real part and Q the imaginary part. In general we have :

x(f) = x1(t) +jx2t) [by definition]
X(Gw)y = X(jw}+jX2(jw) (33
For example :
x(t) = " = cos(w.t) +j Sin(w;t) 3.4

In this example the complex signal x(¢) has only a positive frequency component and
no negative frequency component. A complex signal contains the information of two
. real signals. Tt contains therefore more information and it is two-dimensional while
|- 1 real signals are one-dimensional. This is reflected in the fact that, different from real
Lo signals, for complex signals the positive and negative frequency components can be
totally different. Therefore, when using complex signals (in analyzing e.g. multi-path
systems) it is important to always make the difference between positive and negative
frequencies. Today, in analog circuit design, signals are only considered as real signals
and the difference between positive and negative frequencies is never made.

3.2.3 Polyphase Signals and their Properties

i It is always possible to take a number of real signals and handle them as one n-
Ll dimensional signal vector. Such a signal vector is, in analog design, called a polyphase

| signal. Not all combinations are however as interesting for analog design. Apart from
‘: "R the complex, 2 dimensional, signals, only the combination of 4 parallel signals is also
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" used [Ging EC73]. Therefore, often the term ‘polyphase signals’ is used to indicate a
4 dimensional polyphase signal [Ging EC73].

When used in analog parallel signal processing systems, the 4 dimensional poly-

- phase signals are used as the fully differential version of a complex signal. They are
therefore analyzed as a complex signat in which both the real and imaginary signal

have a differential and a common mode component. Operations defined on these sig-

nals will be designed to process the two differential components, while they will have

extra circuitry to suppress any common-mode component applied at its input. In this

case the polyphase signal has again only two independent components left.-

Itis possible to analyze polyphase signals as signal vector with 4 truely independent
components on-which some special operation can be defined. The use of 4 independent
parallel signals may not be a wanted effect in multi-path systems, but some signal
processing building blocks may not have any common mode suppression circuitry and
in this case the polyphase signal analysis technique gives extra information.

A polyphase signal x(t) is defined as : _

x(t) = x1(t) + axa(t) + a’xalt) + 2 xa 1) (3.5)

Operations on polyphase signals, like the multiplication, are defined with the property
a* = 1 (similar to j* = 1 for complex signals).

3.3 OPERATIONS ON COMPLEX SIGNALS

The use of the complex notation for signals has by itself no real benefits. It is nothing
more than a different way of representing available information. Many other ways of
representation are possible. The complex representation gives a clear insight in the
positive and negative frequency information content of a pair of signals. It becomes
interesting when one defines operations on these signals which conserve the properties
of the proposed representation. For complex signals this means that the properties
of multiplication and convolution should be preserved. This is true for the complex
multiplication{ (A+jB)-(C+jD) = (AC—BD)+j(AD+ BC) ), which is the reason
why the complex notation (defined by j> = —1) is preferred for the representation of
two-signal pairs.

3.3.1 The Complex Amplifier

A complex amplifier multiplies a complex signal with a constant. The result is again
a complex signal. The multiplication factor is a complex number. The complex am-
plification is a linear operation which preserves the frequency position of information
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%0 + T y, (1)
A E
B
B
+
% (D N ¥ ()
A )

Figure 3.1. Amplification of a complex signal with a complex constant A+ jB.

available in the complex signal.

y) = ¥ +jyi)
vty =Z-x() with ¢ x(t) = x.(t) +jx () (3.6)
Z = A+jB

After substitution this gives :

(3.7
yit) = B-x,®+A-x;(0)

{ o = A ) - B-x@
The physical realization of a complex amplfier becomes easy starting from equa-
tion 3.7. The block diagram is shown in fig. 3.1.

The use of the complex amplifier offers, as such, not many advantages over the
normally used real amplifiers. The complex amplifier introduces the same amplitude
and phase change to all frequency components of a signal (both positive and negative
frequencies). A real amplifier does the same for the amplitude and a constant phase
change on all frequency components is, for a stand-alone signal, not important. The
amplification with a complex constant is therefore importantin feed-back systems, like
e.g. complex filters, wherein signals with different phase shifts are compared. This is
further discussed in section 3.3.3.

Special cases of the complex amplifier are for instance the real amplification of a
complex signal (Z = A) and the phase shift over 90° (Z = J) (remark that this gives a
+90° phase shift for both positive and negative frequencies). Both cases are shown in
fig. 3.2.
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%0 ;A\ y,0
%0 {A\ v
(@
%W ¥
L0 v
(b}

Figure 3.2, Special cases of complex amplification : a) a real amplifier and b) a 90 ©
phase shift.

3.3.2 The Complex Mixer

"The multiplieris a very important building block for transmitters and receivers because
it is used to perform the necessary up- and downconversions. The multiplication of
two complex signals can also be physically realized. The implementation complex
multiplication,implementation can again be found from the equations.

y(t) z(t) - x(t) (3.8)
Yiw) = Z(jw)® X(jw) 3.9)

After substitution this gives :

{ ylt) = z@- %@ —z,@) - x; () (3.10)

i) = z@®)-x @)+ z,¢) x: (1)

The realization of this is given in fig. 3.3.

The big advantage of the complex multiplication is that it makes it possible to
multiply a signal, complex or real, with a single positive frequency. The consequence.
is that the problem of the mirror frequency, as illustrated with equation 2.0, does not
occur. The mirror signal problem is a side effect introduced by the multiplication with
a sine, i.e. the combination of a positive and negative frequency component. With a
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%1 + A
R—0
4 1
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x (0 ¥ 0
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z, (1) z (1

Figure 3.3.  Block schematic of a complex mixer.

complex signal z(¢)

{ z,(t) = cos(w.t) G3.11)
z:(t) = sin(wt)
= 7(t) = elo* (3.12).
the multiplication becomes : '
y(t) = x(t) - &7 ‘ (3.13)

In a zero-IF receiver a real signal (the antenna signal} is multiplied with a single pos-
itive frequency (the quadrature oscillator signal). This special case of the complex
mixer is shown in fig. 3.4. :

3.3.3 Complex Filters

A real filter has areal impulse response #,(¢). Its transfer function H.(jw) is a rational
polynomial in function of jw. This rational polynomial can only be real if H, (jw) =
H*(—jw). A real filter converts a real signal into a new real signal. On the other hand,
the impulse response of a complex filter is a complex signal :

h(E) = k() +jhile) (3.14)
H(jw) = H (o) +jHio) (3.15)

H (jw) is a rational complex polynomial in function of jw. This means that the coeffi-
cients of the polynomial function can be complex. Substituting the equation

Y(jw) = H(jo) - X Gw) (3.16)
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zr(l}J( cos{m, t)

¥ (0

x (D

z; {0 sinfm, £)

Figure 3.4. The multiplication of a real signal with a complex signal {a positive fre-
quency, f, = w./2m), as used in the zero-IF receiver.

a0 ' b " @ R0
)
h,(9 ><

X0 b - :CB 0

Figure 3.5.  General block schematic of a complex filter.

results in :
Y/(jw)y = H (o) X (o) — H(jo) - X(jo) (3.17)
Vijw) = Hi(jw)-X,(w)+ H.(jo) - X;{jow)
#©O = hO®XO - kO x®) 18)
¥t = )@ x)+h O @)

Fig. 3.5 gives a representation of these equations. A special case is a real filter that
filters complex signals. This is shown in fig. 3.6. Another special case is the filtering
of a real signal with a complex filter. This results in a complex signal.

3.33.1 Linear Frequency Translation. The main application for complex filters
is the selective suppression of positive or negative frequency components of a complex
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% 1) ¥ 0
h (1)

% (0 %0

o

Figure 3.6. A special complex filter : the real filter for complex signals.

4 Hljw) & Hijo

Lowpass filter Complex bandpass filter

/N T

/ N X'
Figure 3.7. A linear lowpass to bandpass transformation, resulting in a complex band-
pass filter with a transfer function which passes only positive frequencies. ,

or real signal [Voorm 1993]. This effect can be realized by using bandpass filters which
are obtained by the linear frequency transformation of a lowpass filter. The classical
lowpass to bandpass transformations preserve the real properties of the filter

jo - jo (3 - m—) (3.19)

w,

In this case the bandpass filter has the lowpass filter transfer function centered around
@ =% +w,. In contrast, the linear transformation is defined as :

jo — jw — ja, (3.20)

This introduces complex coefficients in the rational polynomial function which implies
that it can onty be realized with a complex filter. The obtained bandpass filter has only
the frequency shifted lowpass filter characteristic for positive frequencies {w ~ +w.),
Fig. 3.7 gives an example of such a transfer function. 1t shows the suppression of
negative frequency components. ‘

The physical implementation of a linear translated lowpass filter could be done
with the method of equation 3.17 and fig. 3.5. This is however highly inefficient. For
instance, a first-order lowpass filter will be transformed to a second order positive
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" bandpass filter.

1
Hp,(jw) = (3.21)

Hi (i) = _
() I ¥ Go—jo)RC

1
—._ %
14+ jwRC
The implementation according to equation 3.17 would require the actual realization of
four real second-order filters.

1

Hiyp ) 1+ (o — jw)RC
1—jwRC . w.RC
T TFe—wrtrR VT arrc 3.22)
= pr.r +ijp.i

'This requires thus two second-order filter functions which have to be implemented
both twice. The direct synthesis of this filter, discussed below, would only require
the realization of two first-order filters. This is even more efficient than the use of a
real bandpass filter for the complex signal (equation 3.19). As is shown in fig. 3.6, this
would require two second-order filters, while it would give about the same out-of-band
suppression, but it would not discriminate between positive and negative frequencies.

3.3.3.2 Direct Synthesis of Complex Filters. The most efficient way to realize the
second-order complex bandpass filter of equation 3.21 is with the direct synthesis of
the filter transfer function [Voorm USP90, Stey ACD941.

Y] 1 L

N9 ey = ——— withw,= - and g = =

X (jw) 1—i20 + jw/w, RC 2w,
(3.23)

In this equation @, is the bandwidth of the original lowpass filter (before frequency
translation), 2w, is the bandwidth of the bandpass filter. @ is the quality factor for
bandpass filters, defined as the center frequency (&,) over the bandwidth (2a,). This
equation can be rewritien as ;

(I =120+ jw/w,) - Y{jw) = X(jw) (3.24)
jofw,  Y(w) = X(jo)+(G2Q -1 ¥Y(w) (3.25)

According to equation 3.25 the filter can be directly synthesized by means of an in-
tegrator and a complex amplifier. This is symbolically represented in fig. 3.8. The
convention of [Lee 1990] for the represntation of complex signals is used here. The
double lines with a single arrow in this figure represent complex signals. The dou-
ble lines are thus actually representing a pair of two real signals which are treated as
if it was one signal. The building blocks can stand for complete complex operators.
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—= 1420

X(jo) : Y ()
I > M

Figure 3.8. Direct synthesis of a second order complex bandpass filter for positive
frequencies.

This convention will be used from now on for the compact representation of multi-
path circuits. The compact representation can always be translated back in the full
implementation with real signals. Fig. 3.9 gives for instance the full block schematic
for the actual realization of fig. 3.8. This figure shows that the implementation of the
second-order complex bandpass filter with a passband for only positive frequencies
indeed requires only two integrators.

The realization of the second-order complex bandpass filter is nothing else than the
realization of a linear frequency translated version of a pole. It is also the realization
of a complex pole which is not compensated by the realization at the same time of
its complex conjugate. Higher order complex bandpass filters can be synthesized by
cascading the filter stage of fig. 3.9 several times, once for each frequency translated
pole. Fig. 3.10 shows the effect of the linear frequency translation of a 5% order
lowpass filter in the s-plane. One real pole and two complex pole pairs are transformed
in five uncompensated complex poles. The five uncompensated poles can be realized
by using for each pole the filter stage of fig. 3.9. Fig. 3.11 gives the transfer function
of a frequency translated 5™ order Butterworth filter for complex signals. It has an
out-of-band signal suppression which is comparable to the suppression of a 10" order
bandpass filter, while it needs only 10 integrators. An extra advantage is that the linear
frequency translation gives a perfect lowpass to bandpass filter which preserves the
properties of the filter (such as maximally flat amplitude or group delay). A lowpass
to bandpass transformation for real filters does not preserve these properties and it
gives two passbands, one at positive and one at negative frequencies.

3.3.3.3 Polyphase Filters. The passive sequence asymmetric polyphase filters are
another class of analog complex filters [Ging BC73]. Fig. 3.12 shows such a filter with
two stages. The main difference between the passive sequence asymmetric polyphase
filter and the active complex bandpass filters of the previous section is that they are
" not bandpass filters, but bandstop filters. They have instead of a passband at only pos-
itive (or negative) frequencies, a stopband at only negative (or positive} frequencies.
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Figure 3.9. Expanded block schemalic of a second-order complex bandpass filter.
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Figure 3.11. The transfer functicn for positive and negative frequencies of a sM-order
complex bandpass filter.

Fig. 3.13 shows the transfer function of a two-stage polyphase filter for positive and
negative frequency components. In comparison with passive sequence asymmetric fil-
ters complex bandpass filters are often called ‘active integrated sequence asymmetric
polyphase filters’. However, in this text the phrasing ‘complex bandpass filter’ is pre-
ferred and passive sequence asymmetric filter are often shortly called ‘polyphase fil-
ters’. Complex bandpass filters are, because of their active implementation, preferably
used in low frequency, low { implementation, while the passive nature of polyphase
filters allows them to be used at very high frequencies.

Passive polyphase filter are actually a symmetric and repetitive version of the classi-
cal RC-CR allpass filter, often used for the generation of quadrature VCO signals [Stey
ISSC92]. Fig. 3.14 shows an RC-CR quadrature generator. It can be seen that it gives
the correct representation of a single-stage polyphase filter when all inputs but one
are connected to the ground node. A polyphase filter stage is a repetitive structure of
four times an RC-CR allpass filter and each RC of one input is shared as a CR with
another input. The advantage of this repetitive nature is that several polyphase filter
stages can be cascaded. By taking the RC of each stage slightly different, this allows
for the realization of a broad stopband. Fig. 3.13 illustrates this effect.
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Figure 3.12. A two-stage passive sequence asymmetric polyphase filter.
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Figure 3.13. The transfer function of a 2-stage polyphase filter for positive frequencies
(thick line) and negative frequencies (thin line).
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Figure 3.14. An RC-CR filter, classically used for the generation of quadrature oscil-
lator signals.

3.4 COMPLEX OPERATIONS IN THE ANALOG DOMAIN
3.4.1 Mismaitch

Complex operators are made with pairs of real operators, amplifiers, mixers and filters.
The performance of the system in which complex operators are used degrades when
these pairs of real operators are not perfectly matched. In digital systems matching
can be perfect and complex operations are widely used [Lee IEEG92, Wack ASSP86].
In analog integrated implementations mismatch between components like transistors,
resistors and capacitors is unavoidable.

3.4.2 Frequency Crosstalk

An example of the effects of mismatch on a complex operation is given in fig. 3.15.
A perfect amplification of a complex signal with a real constant A does not change
the frequency distribution of the signal, The mismatched amplification of fig. 3.15a
can, for analysis purposes, be split in four different operations : a perfectly matched
amplification with the constant A, an amplification with the mismatched component
AA, a complex multiplication with the constant —j and an interchanging of the real
and imaginary part of the complex signal. This is shown in fig. 3.15b. The first three
operations are complex operations which preserve the frequency distribution. The
fourth operation, the interchanging of the real and imaginary part is not an operation

. which is part of the possible operations defined on complex signals and it does not

preserve frequency locations. Interchanging the vector components of a complex sig-

nal is equal to reversing the vector sequences. A positive sequence becomes a negative
. sequence and vice-versa. The interchanging of the vector components of a complex
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signal is defined in equation 3.26. In equation 3.27 this is written down for a positive
and a negative frequency. These equations show that an interchanging of the vector
components results in a mirroring of all frequency components around the ¢ Hz axis.

- Here, this effect is called frequency crosstalk (i.c. crosstalk between the information

content at positive and negative frequencies).

x(1) = % (1) + jx;(0) = y() = x:(0) + jx, (7) (3.26)

»® = x()
y(t) = x(0)

gt = cos(w.t) +j - sin{w,t) —  sin(w.t) +j- cos{w,t) =j- g ot
e " = cos(wet) — - sin(wer) —  sin(w.r) —j - cos(w,r) = —j -
3.27

With the interchange operation the total transfer function for the mismatched am-
plifier of the example of fig. 3.15 can be calculated. An applied frequency component
will be magnified with a factor A, but it will also be mirrored to its opposite frequency
and magnified with a factor AA. The superposition principle for linear systems is still
valid. The ratio between the unwanted mirrored signal and the wanted original signal
will therefore be AA/A. An amplitude error of 1 % gives a -40 dB crosstalk between
positive and negative frequencies. .

The results of a phase error between the two signal paths is also an unwanted mir-
roring of signals to their opposite frequencies. Equation 3.28. gives the effect of a
phase error on a positive frequency compenent.

&1 = cos(wyt) -+ jsin(w,t) —  cos(wet + Ad) + j - sin(wyt — A)
= cos(Ag) - (£ —j - tan(Ag) - e )
(3.28)

Apart from the wanted frequency, the total transfer function generates again also a
negative and unwanted frequency component. The ratio between the unwanted and
the wanted signal is tan{Ag), which can be taken equal the A¢ for small values of
Ad¢. This means that for instance a phase error of 1° results in a -35 dB crosstalk
between positive and negative frequencies.

3.4.3 Frequency Crosstalk in Analog Implementations

The relationship between component matching and amplitude and phase errors is il-
lustrated with an example. Fig. 3.16 gives the realization of an active-RC single pole
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Figure 3.15. a) The complex amplifier with mismatch and b) its equivalent schematic.
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lowpass filter for complex signals. All passive devices differ from their nominal val-
ues. There are three sources of unwanted frequency crosstalk in this ¢circuit. One is a
constant amplitude error caused by the mismatch on R, and R;. Equation 3.29 gives
a calculation and approximation for this error using a worst case analysis.

Ra+ ARy K2 AR,

£=lAr-Ai~ _ Rl—AR1—R1+AR1
A 24 2@
R’
1 1+AR2/R2_1—AR2/R2)
= 2"\1-AR//R 1+AR/R
1 AR, AR,
a~ 1=\ 11+—]-
(5 (%)

(-5 (-3

AR AR
A= 3.29
3 % (3.29)

&

The other two sources of unwanted frequency mirroring are the frequency depen-
dent amplitude and phase error caused by mismatch between the cut-off frequencies
of the two lowpass filters. Equations 3.29 gives the amplitude error caused by pole
position mismatch in function of frequency for a worst case situation.

1 1
AA | @RI ARICHAOY \ﬂ+(m-(aragl)-(c-acnz
A 1
l-l—(:uRC)i

{ L ! 1
[+(@RC)E-(1+ AR/ Ry +HACICY* T A TH@RO(I- AR/ Ra)2-(1-ACY )2
1

T+(wRC)?
1 T
[ RCYE-(112AR 770V TH@ROE(-2AR /R —24C/ C
o TH(@RCE- (1428 R/ Ra+2AC/ C) F{wROA 2/ Ry /O (3.30)
{1

1+(@RC)?
AA AR AC '
Y LI [for @RC = 1] (3.31)

A 4R,  4C
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Figure 3.18. Mismatch in a first-order lowpass filter for complex signals.
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Equation 3.31 gives the phase error caused by pole mismatch in function of frequency.

tan(A¢) = tm(@)

' A
= tan (% - arctan (mRC- (1 + R—R;Z) . (1 + %))
1- ARy AC

AR, AC
tan(Ag) =~ ch.(RlJr?) [for wRC & 1] (3.33)
2
AR, AC
tan(Ag) ~ 2hz A4 for oRC = 1 3.34
an{A¢) TMET: [for wRC = 1] (3.34)

These three sources of frequency crosstalk are plotted versus frequency in fig. 3.17.
The curves of fig. 3.17 are given for a 1 % mismatch on each component. From
fig. 3.17 the following conclusions can be drawn :

= Amplitude errors caused by pole position mismatch are small, i.e. capacitor mis-
match does not result in amplitude errors.

® Phase errors are caused by resistor and capacitor mismatch. They occur however
only at the edge of the passband, meaning that when the filter’s passband is larger
than the wanted signal band, the phase mismatch is greatly reduced.

® The amplification mismatch is the main cause of signal frequency -crosstalk in the
passband. Tt completely depends on resistor matching.

For equations 3.29, 3.29 and 3.31 and fig. 3.17, the worst case analysis technique
has been used for the simplicity of the equations and the good insight that can be
obtained. An exact statistical analysis of the frequency crosstalk errors of a circuit,
its mean values and its variation can be obtained by doing a Monte-Carlo analysis.
Fig. 3.18 shows the results of a Monte-Carlo analysis for a linear frequency translated
5™ order Butterworth filter implemented with the active-RC technique. A og 0of 0.1 %
on resistor values and a o¢ of 0.2 % on capacitor values is assumed.

3.4.4 Frequency Crosstalk in Complex Operators

In analog implementations perfect matching of components, like resistor, capacitors
and transistors, is not possible. It is therefore important to take this into account on
the different levels of transceiver design.

® High-Level Design : The architecture that is chosen has in several ways an influ-
ence on the overall quadrature accuracy that can be achieved due to mismatch in its
comnplex building blocks.
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Figure 3.17. Signal frequency crosstalk caused by mismatch in a lowpass filter for
complex signals in function of frequency.
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Figure 3.18. Monte-Carlo simulation of the signal crosstalk from negative to positive
frequencies for a translated 5" order Butterworth filter (in thin lines; the thick line is the
filter's transfer function).
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—  The architecture itself can be more or less sensitive to quadrature inaccuracies
of the building blocks it uses. An example is the double quadrature architec-
ture which will be discussed further on in this text. This architecture is highly
insensitive to the mismatch induced frequency crosstalk in its quadrature gen-
erators. -

—  The architecture choice has also an influence on the overall accuracy via the
building blocks it requires. Some building blocks are more sensitive to mis-
maich than others. In a complex filter for instance only the first stage has a
significant influence on the crosstalk. In a higher order real bandpass filter,
all stages contribute equally, resulting in a higher overall frequency crosstalk.
The reason for this is the fact that the unwanted signals at opposite frequencies
are already significantly reduced with the filter function of the first stage of a
complex filter. A real bandpass filter does not suppress these signals.

—  The architecture choice can also influence the matching that can be achieved
in the building blocks via the intermediate operating frequencies it requires.
Some architectures will require only a good matching at a low intermediate
frequency. Building blocks operating at lower frequencies can be designed to
have a better matching. This is because larger devices can be used in these
circuits.

= Building Block Design : For the building blocks it is important to choose an imple-
mentation technique that depends on components which have a good matching. For
the active-RC implementation resistor and capacitor matching is for instance im-
portant, while in case of the OTA-C technique this will depend on a good transistor
matching,

3.4.5 Corrections of Frequency Crosstalk

In systems where the information content of the complex signal is not random, - it is
possible to correct phase and amplitude errors. The most obvious example of such sig-
nals are the baseband I and @ signal in a GSM receiver. GSM uses GMSK modulation
which implies a constant and equal amplitude for both components of the complex sig-
nal [Grone TCOM76, Muro TCOMS1]. Amplitude errors can therefore be corrected
by measuring the amplitude difference between the two parallel signals and adjusting
their gain via a high accuracy variable gain amplifier.

The main problem in correcting amplitude and phase errors is to determine their
magnitude. For phase and amplitude errors that vary in function of frequency this is
almost impossible to do and, in general, corrections are therefore only made for phase .
and amplitude errors which are constant in function of frequency [Faulk EL91]. In
the previous section it was calculated that phase and amplitude errors vary in function
of frequency. Their variation is related to the bandwidth of the building block. The
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bandwidth of low frequency building blocks in transceivers is of the same magnitude
as the bandwidth of the wanted signal and their phase and amplitude errors can there-
fore not be corrected. The bandwidth of high frequency building blocks is much larger
than the wanted signal bandwidth and their phase and amplitude appear in the wanted
signal band as nearly constant. These errors can be corrected. They will in fact also be
the largest errors, because high frequency building blocks have to use smatler devices,
resulting in large device mismatch.

A difference between two error correction techniques has to be made : tuning and
trimming. Trimming is the technique in which the phase and amplitude errors are
measured once, during production. The corrections can be made manually, with ex-
ternally trimmed resistors or capacitors, on-chip by means of laser trimming resistors
or electronically by storing during production a digital code in a ROM or EEPROM
and applying this to a DAC [Seven ISSCC94] or a digital correction algorithm. The
advantages of trimming is that the signals best suited for the measurement can be ap-
plied (typically this will be a sine} and that high quality measurement equipment can
be used. Disadvantages are the high cost of the extra production step and the impos-
sibility to correct variations over time of the phase and amplitude (for instance due
to temperature effects). Tuning is a technique which continuously, or quasi contin-
uously, measures and corrects the errors during operation. Very low residual errors
can be achieved. A lot of digital wireless applications are based on the transmission
of data frames. This allows for a fully digital feed forward implementation of the
tuning algorithm in the DSP. Phase and amplitude errors are measured per frame and
the measured values are then used to correct the data in the frame. A problem is the
high complexity of the signal analysis algorithms which fully exploit the properties
of the used modulation technique. Currently, the overhead of extra chip area required
to implement these algorithms is so high that they are not used for wireless applica-
tions. Today, quadrature error correction is mainly limited to trimming techniques, but
it may be expected that advanced signal analysis techniques wilt become more impor-
tant with the increasing performance of DSP’s. In the work that is presented here, the
emphasis is on the development of transceiver architectures and building blocks that
do not require any form of tuning or trimming, either because they achieve a very high
intrinsic quadrature accuracy, or because they do not require a very high quadrature
accuracy.

3.5 TRANSCEIVER SYNTHESIS

3.5.1 Receivers

3.5.1.1 The Zero-IF Receiver. The obvious example of a receiver type that uses
a multi-path topology is the zero-IF receiver. It can therefore be analyzed with a very
good insight via the complex signal analysis technique for analog systems. The topol-
ogy of a zero-IF receiver is given, in compact notation, in fig. 3.19. The RF signal is
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>< E LPF S A > Baseband

Local
Oscillator

Figure 3.19. The block schematic of the zero-IF receiver in the compact complex
representation. '

broadband filtered and then downconverted with a single positive frequency equal to
the carrier frequency. The broadband filter has to suppress large out-of-band block-
ing signals, it does not perform any mirror signal suppression. The mixing with a
positive frequency makes that only the negative frequency components of the wanted
signal are downconverted directly to the baseband and that no mirrored signal is found
in the baseband. This process is illustrated with fig. 3.22. In fig. 3.22 the PSD of
the input signals and the PSD of the output signal of the downconversion mixer are
shown. The arrows between the two PSD representations illustrate the convolution
process that takes place in the frequency domain during mixing : one single tone com-
ponent of the LO signal (white arrow) is mixed with one, either wanted or unwanted,
frequency distributed RF signal component (black arrows) and. the result is a down-
converted frequency distributed output signal. Fig. 3.20 shows for comparison the
same downconversion process in an IF receiver.

The zero-IF receiver performs a direct downconversion of the wanted signal to the
baseband. The consequence is that the mirror signal is equal to the wanted signal.
This does however not mean that there would not be a mirror signal problem in the
zero-IF receiver. This would only be true for double sideband modulated signals for
which the upper and lower sideband are identical or, in fact, each other’s mirror sig-
nal. In such a system a downconversion to baseband by multiplication with a single
sine would be sufficient (shown in fig 3.21). For all other systems, in which the upper
and lower sideband are different, the downconversion must be performed in quadra-
ture. The quadrature downconversion, which is the multiplication with the positive
frequency e/*', makes sure that the upper and lower sideband can still be distinguished
at baseband. Matching imperfections in the high frequency quadrature signal and in
the quadrature downconversion will cause frequency crosstalk and a suppressed su-
perposition of the upper and lower sideband of the wanted signal. The mirror signal
suppression that can be achieved is determined by the amplitude error AA/A and the
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phase error tan(A¢) of the downconversion mixer and the quadrature signal genera-
tor. At high frequencies the quadrature signal error is mainly determined by the phase
error. 3° is a typical value for this error, equivalent to a 25 dB mirror signal suppres-
sion [Stey JSSC92]. A mirror signa! suppression of 25 dB is sufficient for a zero-IF
receiver for most applications. In the zero-IF receiver the mirror signal is equal to a
mirrored version of the wanted signal and a mirror signal suppression of 25 dB will
g0 therefore result in a mirror signal which will after downconversion be 25 dB smaller
' than the wanted signal. In an IF receiver this would not be true. In the IF receiver the
mirror signal can be bigger than the wanted signal, resulting in a higher mirror signal
suppression specification for IF receivers.

|

|
.
‘ '*}: ; 3.5.1.2 The Low-IF Receiver. The concept of the low-IF receiver starts from

i the observation that all information necessary to separate the mirror signal from the
wanted signal is available in the two low frequency signals after quadrature down-
conversion [Crols CASII97]. Fig. 3.22 shows that this is true for the zero-1F receiver.
Fig. 3.23 shows that this is also true for an IF different from zero. Mixing with a single
positive frequency converts only negative frequencies down. In the complex IF signal
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Figure 3.23. The downconversion process in a low-IF receiver.

the wanted signal is now situated at positive frequencies, while the mirror signal is
situated at the same, but negative, frequencies. ‘

The downconversion to an IF by multiplication with a single positive frequency
has large consequences. They are illustrated with fig. 3.24. It is now not necessary
anymore to do any mirror signal suppression at high frequencies before the down-
conversion. Normally the IE has to be large (10 to 500 MHz) in order to be able to
perform the high frequency mirror signal suppression with a bandpass filter with lim-
ited (@ (< 100). In the low-IF receiver with quadrature downconversion this filter is
not required and a low IF frequency can be used (a few hundred kHz, about once to
twice the bandwidth of the wanted signal). The result is an integratability that is as
good as the integratability of the zero-TF receiver. The zero-IF receiver is actually only
a special case (IF = 0) of a receiver with a downconversion by means of multiplication
with a positive frequency. The use of the zero-IF makes the topology however highly
sensitive to parasitic baseband signals like DC offset voltages, second-order distortion
products and self mixing products. , :

The finite matching between the mixers and, more important, the limited phase and
amplitude accuracy that can be achieved in a classical RC-CR quadrature generator,
make it impossible to generate a perfect single positive frequency. This may be not so

important for a zero-IF receiver, but it is when a quadrature downconversion to an IF

frequency. The mirror signal is in that case completely ditferent from the wanted signal
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Figure 3.24. The basic schematic of a downconverter for a low-IF receiver topology.

and it can, depending on the application and the exact position of the IF, vary widely
in amplitude. Close to the wanted signal it may still have the same amplitude as the
wanted signal, while far away it may be more than 50 dB higher than the wanted signal
{exact numbers in function of frequency are, for the GSM system, given in chapter 5.
In order to realize a low-IF receiver, the use of a quadrature downconverter with a high
accuracy must always be combined with a careful choice of the IF frequency.

The accuracy of a quadrature downconverter is too limited and often it is still nec-
essary to do some extra mirror signal suppression at high frequencies before the down-
converston. Fig. 3.25 gives two possibilities to do this. A quadrature downcoenverter
combined with a classical HF filter, shown in fig. 3.25a, gives only a limited improve-
ment. Fig. 3.26 gives its operation in the frequency domain. The IF must still be
chosen relatively high (e.g. 100 MHz) in order to have a sufficient suppression by
the high- O bandpass filter. Although its requirements may be reduced, the HF filter
still can not be integrated. However, this does not have to be a disadvantage because
the filter is often already necessary for the suppression of blocking signals. A bigger
disadvantage is that a high IF requires a downconversion in several stages (e.g. from
1 GHz to 100 MHz, from 100 MHz to 10 MHz and from 10 MHz to 1 MHz), resulting
in a large area and power consumption because of the many mixers and oscillators
which are required.

A better alternative which truly combines the advantages of both the IF and the
zero-IF receiver, is given in fig. 3.25b {Crols JSSC95bl. A more close observation
of the downconversion process by multiplication with a single frequency component
shows that it is only the mirror signal situated at negative frequencies that is superim-
posed on the wanted signal situated at the IF, while the wanted signal is downconverted
from positive frequencies. This means that it is not necessary to suppress the mirror
signal at both positive and negative frequencies, as 1s done with the classical high-Q
HF filter. This is shown with fig. 3.27. The suppression of only the negative frequency
components does not require a high (3, even when the wanted and mirror frequency are
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Figure 3.25. Low-IF downconversion with a) an extra external HF filter and b) a se-
quence asymmetric polyphase filter.
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. situated very close to each other (e.g. a few hundred kHz). The filtering can be done

with a sequence asymmetric polyphase filter. Its output signals will of course be an
1,Q-signal pair, requiring for the downconversion mixer the full four-mixer structure

-of fig. 3.3. This newly proposed topology of fig 3.25b is based on the multiplication of

two high frequency signals that are both put in quadrature with a quadrature generator.
It is therefore called ‘double quadrature downconverter’.

3.5.1.3 The Low Frequency Signal Processing. The topology of fig. 3.25b allows
for the downconversion in quadrature of the wanted signal to a low IF of a few hun-
dred kHz. In this topology the mirror signal is also downconverted to this same low IF.
It is the quadrature structure that ensures that both signals can still be separated after
downconversion. The wanted signal is situated at the positive frequency components
of the quadrature low IF signal, the mirror signal is situated at negative frequencies.
Here is discussed how the mirror signal can be suppressed after the quadrature down-
conversion from high frequencies and how the wanted signal can be downconverted
to the baseband with a final, low frequency, downconversion. In this discussion, it is
assumed that the high frequency quadrature downconversion is done with a perfect
downconverter.

There are two ways to separate the wanted signal from the mirror signal at low
frequencies : the bandpass filtering of only positive frequency components with a
complex filter (either active or passive) followed by a quadrature downconversion, or
a further downconversion to baseband by multiplication with a single positive fre-
quency component followed by a lowpass filter operation. Fig. 3.28 shows both con-
figurations. In both operations it is the filter operation that largely reduces the dynamic
range of the received signal by suppressing the unwanted sideband and mirror signals.
A downconversion to baseband can, in the analog domain, only be done with a high
accuracy for a low dynamic range signal. High dynamic range signals are too sen-
sittve to parasitic baseband signals. This is the problem of the zero-IF receiver and
this is also valid for the topology of fig. 3.28a. The analog version of fig. 3.28a is
therefore not a good option. It is however the only possible option when a high IF
(e.g. 100 MHz) is used. This is because of the high @ that would be required when a
filter is used at a high IF [Gray CICC95]. The circuit of fig. 3.28b renders a signal that
can be downconverted to baseband without any difficulty. The dynamic range and the
center frequency of the signal after the filter are even so low (e.g. 40 dB and 250 kHz)
that it is better sampled at its low IF frequency. This is shown in fig. 3.29b.

The choice between the mirror signal suppression techniques of fig. 3.28a and
3.28b is mainly determined by where the conversion from the analog to the digital
domain will be performed. Sampling the low frequency signals before the mirror sig-
nal has been suppressed, will require an A/D-converter with a larger dynamic range:
As the level of integration and the power efficiency of A/D-converters is continuously
improving, allowing for ever more digital signal processing and less low frequency

72




62 - CMOS WIRELESS TRANSCEIVER DESIGN

+
LPEF. |—

— | o -
] @ O

Filter

Complex T '
Bundpass

I TQ

HF LO

(b)

Figure 3,28, Further downconversion from IF to baseband with filtering a) after and b)
before the final downconversion.
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analog signal processing, the low frequency mirror signal suppression in the digital
domain 1s becoming ever more feasible. Fig. 3.29a shows a topology in which this is
the case. The final downconversion and baseband filtering are now done in the DSP
-with a high accuracy. The analog front-end implements only a very coarse and broad-
band anti-aliasing filtering. The A/D-converters sample a combination of the wanted
signal, the mirror signal and some adjacent channels, resulting in a signal with a dy-
namic range and bandwidth higher than the wanted signal (e.g. 60 dB and 1 MHz).
These are specifications that can be achieved at a reasonable area and power cost with
today’s embedded A/D-converters. The power cost can even be further redueed by us-
ing bandpass X A-converters that only have to achieve the required dynamic range in
the band of the. wanted signal [Jantz JSSC93, Pelu ACD96]. This makes the topology
of fig. 3.29a the preferred topology for the realization of fully integrated high perfor-
mance receivers. It must of course be used in combination with a highly accurate high
frequency quadrature downconverter that does not require the use of a high IF. This
can be done with the high frequency downconversion topology that has been presented
in fig. 3.25b. Fig. 3.30 shows the full block schematic of the proposed low-IF receiver.

3.5.1.4 The Wideband IF Receiver. The wideband IF receiver is, like the low- )
IF receiver, also a receiver topology that has recently been introduced as a new re-
ceiver topology that combines a high performance with a good integratability [Gray
CICC95, Briant ACDY6]. Fig. 3.31 shows this receiver topology. For the high fre-
quency downconversion it uses a quadrature downconversion in combination with a
high frequency mirror signal suppression filter to give some exira mirror signal sup-
pression (this is the HF topology of fig. 3.25a). The wideband IF receiver uses a fixed
frequency downconversion oscillator for the HF downconversion. It downconverts the
full application band to a high IF frequency. Channel selection is only done in the
second downconversion stage with a variable frequency oscillator. Fixed frequency
oscillators have the advantage that a lower phase noise can be obtained due to the
lower PLL bandwidth that can be used, allowing on its turn the use of a more noisy
voltage controlled oscillator (VCO).

The wideband IF receiver has to use a high IF frequency (e.g. 200 MHz) in order
to allow the extra high frequency mirror signal suppression and the downconversion
of the full application band. A lower IF frequency would make the relative tuning
range of the second oscillator too large. The low frequency downconversion (the sec-
ond downconversion stage) uses the proposed double quadrature downconversion {see
fig. 3.28). Due to the wideband signal at the IF frequency, only a limited amount of
lowpass filtering can be used at the IF and the mirror signal will still be present durlng
the low frequency downconversion.

The main advantage of the wideband IF receiver, compared to the zero-IF and low-
IF receiver, is that it uses an LO frequency that lies out of the application band, while it
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Figure 3.29. Direct sampling of the low-IF signal with filtering a) after and b) before
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Figure 3.31. The wideband-IF receiver topology.

still offers a very good degree of integratability. In this way the spurious transmission
of the LO signal can be reduced. Its main disadvantage is that it performs almost no
filtering after the HF downconversion. This makes that the second downconversion
stage has to handle high dynamic range signals and all problems common to the zero-
IF receiver will be encountered here. The sensitivity to parasitic baseband signals will
only be slightly reduced, The wanted signal has not become larger (which is the case
in the combined [F zero-IF receiver), but signal crosstalk will be lower at the lower IF
frequency. For the second downconversion, the mirror signal problem is larger than in
a zero-IF teceiver, because here the mirror signal is different from the wanted signal.
The HF bandpass filter before the HF downconversion reduces this problem.

35.1.5 The wideband IF low-IF receiver. In the wideband IF receiver the mirror
signal is already different from the wanted signal. In that case there is no reason why
the second downconversion could not be done to a low IF of a few hundred kHz. This
is proposed in fig. 3.32. A slightly bigger A/D-converter would be required, but the
receiver would not be sensitive to parasitic baseband signals anymore. The mirror
signal suppression can be improved by doing a mirror signal filtering before the final
downconversion. A bandpass filter is not required for this. A polyphase filter can be
integrated and it will give a wideband suppression of the mirror signal which is in
this topology situated at the opposite frequencies of the wanted signal. The mirror
signal suppression can be so good that a double quadrature downconversion may not
be necessary anymore, in this way reducing the required number of mixers and thus
the area and power consumption.
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Figure 3.32.  The proposed wideband IF low-IF receiver topology.

3.5.2 Transmitters

3.5.2.1 Direct Upconversion. The direct upconversion transmitter topology can
be compared with the zero-IF topology for receivers. A quadrature baseband sig-
nal is directly upconverted with a quadrature mixer to the wanted carrier frequency.
Fig. 3.33 shows the direct upconversion topology in the compact representation for
complex signals. In a transmitter the wanted signal is a large signal and sensitivity to
baseband signals is therefore not a problem. A limited separation between the upper
and lower sideband of the transmitted signal due to a limited quadrature accuracy is a
problem that still remains. The main disadvantage of the direct upconversion transmit-
ter topology is however self-modulation. The wanted signal is in the power amplifier
boosted to a high power level with the same carrier frequency as the LO frequency.
This strong wanted signal can easily crosstalk to the VCO and pull the LO frequency
to the frequency of the modulated wanted signal. This is called self-modulation. Self-
modulation can be prevented by making a good isolation between the power amplifier
output and the sensitive oscillator LC-tank, by using a high loop bandwidth in the PLL
or, of course, by using an LO frequency different from the carrier frequency.

3522 Double Quadrature Upconversion. The double quadrature downconver-
sion topology, presented in fig. 3.25b, can also be used for upconversion to improve the
achievable mirror signal double quadrature upconversion suppression and to reduce
the sensitivity to quadrature etrors. The double quadrature upconversion topology is
shown in fig. 3.34. The quadrature baseband signal is upconverted with a true com-
plex amplifier, resulting in a quadrature high frequency signal. This high frequency
quadrature signal is filtered with a polyphase filter. This suppresses the unwanied
mirror signal generated by quadrature errors (phase and amplitude errors) on the LO
signal. The quadrature accuracy in this structure is therefore reduced and only deter-
mined by the matching between the four upconversion mixers.
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Figure 3.33. The block schematic of the direct upconversion transmitter topology in
the compact representation.,
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Figure 3.34. The block schematic of the double quadrature upconversion transmitter

topology.
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Figure 3.35. The block schematic of a two-stage quadrature upconversion transmitter
topology with an IF.
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Figure 3.36.  The block schematic of a classic IF upconversion-topology.

3523 Quadrature IF Upconversion. A quadrature IF upconversion topology, as
presented in fig. 3.35, can be seen as the equivalent of the wideband IF receiver for
upconversion. The quadrature IF upconversion topology has the advantage over the
classic TF upconversion topology, shown in fig. 3.36, that no extra HF filter is required
after the final upconversion to suppress the unwanted mirror signal. A HF filter will
be necessary anyway for any type of transmitter topology after the power amplifier,
but the signal level of the mirror would then already be too large to be sufficiently
suppressed in order to meet the very high specification on transmission of spurious

out-of-band signals.
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Figure 3.37. Two quadrature IF upconversion topologies which combine a high per-
formance with a high integratability. ’

3.5.2.4 Special Quadrature IF Upconversion Topologies. Fig. 3.37 shows two
variants of the quadrature IF upconversion topology. The polyphase filter in the topol-
ogy of fig. 3.37a gives an extra suppression of the mirror signal and it compensates in
this way the quadrature errors of the first LO. This is the same technique as used in
the double quadrature upconverter (fig 3.34). However, the frequency. of the first LO is
much lower than the operating frequency of the second LO and its quadrature error can
therefore be made lower. The double quadrature structure may thus not be required
and fig. 3.37b gives an IF upconversion topology which can be fully integrated, which
uses a polyphase filter for mirror signal suppression and which uses only a two mixer
quadrature upconversion in the first upconversion stage.
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3.6 CONCLUSION

The IF (heterodyne) and zero-IF (direct down- and upconversion) topologies are the
most often used architectures for the realization of transceiver front-end for wireless
applications. Both have their disadvantages (respectively a low integratability and a
low performance) and this has led in recent years to the developmient of the combined
IF zero-IF topology which looks for a good compromise between the advantages and
disadvantages of the two topologies.

In this chapter it has been demonstrated that many more receiver and transmitter
topologies are possible. For this purpose the complex signal technique has been intro-
duced. With this technique, abstraction can be made of the multi-path approach, which
is used in, for instance, zero-IF receivers. With the complex signal technique, the anal-
ysis and synthesis of multi-path topologies is greatly simplified. Special multi-input
multi-output operators, like the complex mixer, the complex filter and the complex
amplifier, have been introduced. As a consequence, a whole new range of multi-path
based receiver and transmitter topologies could be developed with these techniques.
Different from the combined IF zero-IF topologies, these topologies do not compro-
mise between integratability and performance. They combine the property of a very
good integratability with a high quality reception and transmission performance.

Essential to the good operation of a multi-path topology is a good matching be-
tween the different parallel signal processing paths. In order to be able to use the
complex signal technique and multi-path topologies in analog signal processing sys-
tems, such as transceiver front-ends, the complex signal technique has been extended.
‘Frequency crosstalk’ has been introduced as the effect which represents the unwanted
operations caused by mismatch in complex and multi-path operators. Sources and ef-
fects of phase and amplitude errors can be much better analyzed with this extension of
the complex signal technique, even for highly complex transceiver topologies which
use many different parallel signal processing paths that are added, subtracted and mul-
tiplied with each other.

The general conclusion is that, in this chapter, a new technique has been introduced
which broadens the possibilities for receiver and transmitter architecture development
significantly. Several new topologies have been presented in this chapter and their
advantages and disadvantages have been fully analyzed. These new topologies have
such big advantages compared to conventionally designed topologies that it can be ex-
pected that the proposed design technique will have an impact on future developments
of transceiver architectures for wireless applications.
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5.1 INTRODUCTION

In chapter 4 the theoretical principles of high-level design have been introduced. An
actual high-level design for a given application and a given architecture is given in
this chapter with the GSM system taken as demonstrator. The complete high-level
design of a highly integrated transceiver front-end will be performed for a mobile
GSM handset. All the new techniques presented in chapters 3 and 4 will be used
to propose a topology that achieves a level of integration and performance that goes
far beyond present day state-of-the-art realizations. Starting from the specification
for the GSM system and an architecture selection, the most optimimal building block
specifications for the chosen architecture are derived.

Although a formal method for high-level design and optimization has been pro-
posed in chapier 4, this method will not be used in the presented practical design
example to its full extend. This design example is set to comply with the GSM stan-
dard as defined by the ETSI (European Telecommunications Standard Institute). This
standard is given, more or less, as a number of situations under which each time a cer-
tain performance must be achieved. This is the same representation as is used in the
formal high-level design method proposed in the previous chapter. The problem with
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standards for present day applications is that they are simplified in such a way that they
allow for hand calculation and experience driven high-level design, rather than struc-
tured high-level design. The number of possible situations and required performances
is drastically reduced, resulting in an over-specification and a reduced possibility for
optimization. The formal high-level design and optimization allows for a structured
high-level design approach and a much better optimization and power consumption re-
duction, when a more elaborate description of the practical requirements for the GSM
system would be available. The results given in this chapter are based on this struc-
tured high-level design methodology, but the nature of the GSM standard brings them
close to an experience based high-level design.

5.2 DIGITAL WIRELESS APPLICATIONS

Today, many new digital wireless applications are being introduced. Some have to
replace and improve existing, analog, applications, others are new applications for
new markets. The following list gives only a brief and limited overview of some of
these systems and their application :

= GSM : GSM (Global System Mobile) is the European digital wireless system for
person-to-person voice and data communication around 900 MHz. It uses typically
medium sized cells (radii of approximately 10 km) and a 2 Watt transmission power.
Originally developed in Europe, it is now also very successful in Asia, Africa and
South-America. '

= DECT : The DECT system (Digital European Cordless Telephone) uses smaller
cells than (GSM for indoor and office use (radii of approximately 100 m) [McDon
CICC92). Its operating frequencies are situated at 1880 MHz.

m NADC : NADC stands for North American Digital Cellular. It is a North American
alternative for the GSM system. Different from GSM, it uses spread spectrum
techniques for channel multiplexing. :

m DCS 1800 and DCS 1900 : DCS 1800 and DCS 1900 are almost exact copies of
the GSM system, implemented however at respectively 1800 MHz and 1900 MHz.
They are used in countries where either the GSM band is already occupied by
another application or where more bandwidth is needed than available in the GSM
band.

s ERMES : ERMES is the European low cost system for paging applications (Eu-
ropean Radio Messaging System). Base stations cover areas with radii of up to
100 km. Its operating frequencies are located at 170 MHz. :

m ISM : The ISM band (Industrial-Scientific-Medial) is 2 North American frequency '
band reserved for small range unlicensed wireless communication [Hull ISSCC96].
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Figure 5.1. GSM is a cell based system, a mobile station communicates with the
nearest base station.

Applications in this band use the spread spectrum technique to avoid interference
between different users and different types of applications. The ISM band is situ-
ated around 880 MHz.

A more elaborate introduction to the many different digital wireless systems that exist
can be found in [Rapal 1594].

53 GSM
5.3.1 The GSM System

Among the different wireless communication systems presented in the previous sec-
tion, the GSM system has played during the passed years the role of technology driver.
It was the first wireless system based on a digital and cell based technology that was
introduced in a mass market. Many new techniques were therefore first developed
for the GSM system. In this text, the GSM system has therefore been chosen as the
demonstration application for which the proposed techniques of chapters 3 and 4 are
used to do the high level design of a fully integrated transceiver chip in an optimal
way. The GSM system is a system with a wide spread use and a typical configuration.
It is a cell based system with mobile stations communicating with a network of base
stations (see fig. 5.1). It is a band limited system which has its own bands of operation
(890 MHz to 915 MHz for mobile transmission and 935 MHz to 960 MHz for mo-
bile reception) wherein no signal foreign to the GSM system may be transmitted. Its
operation bands are subdivided into different communication channels with 200 kHz
spacing. It uses a TDMA (Time Domain Multiple Access) technique in which trans-
mission and reception of the mobile station at the same lime is not possible. Fig. 5.2
shows a frame sequence in the time domain for the GSM system.
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Figure 5.2. Typical sequence of frames within one receive and one transmit channel,
shown in the time domain.

The GSM system has a setup which is, more or less, similar to most digital wire-
less systems. Compared to other applications it has very high specifications concern-
ing low input noise, required dynamic range and required synthesizer accuracy. This
makes the GSM system a good example of a high performance digital wireless appli-
cation. The high-level design given in this chapter will be done for the GSM system,
but most aspects can be used for the high-level design of a transceiver for any other
wireless application.

The following sections give an overview of the GSM specifications as given by the
ETSI (European Telecommunications Standard Institute) in [ETSI94], as far as they
are important to the high level design of the transceiver and as far as they apply to the
mobile unit.

5.3.2 GSM Receiver Specifications

5.3.2.1 Sensitivity. The required performance for a mobile station GSM receiver
is specified in function of the bit error rate (BER), the frame error rate (FER) and
the residual bit error rate (RBER, i.e. the bit error rate within a frame classified as
‘good’) which must be met for different types of channels and propagation conditions.
BER, FER and RBER are however specifications which are very unpractical for de-
signing. For a certain design, their values can not be obtained from calculations. They
can only be obtained with lengthy BER simulations on a dedicated simulator with
special libraries which model these channels and propagation conditions. BER, FER
and RBER are a good way to specify the required performance of the GSM system
as it takes into account all possible effects (like e.g. channel fading) and looks at the
specification which is overall important ; the amount of received useful information.
This representation is however not necessary for the design of the analog part of the
mobile receiver. The mobile receiver has, as a part of the total GSM system, no influ-
ence on many of these effects. Fading is for instance generated in the communication
channel and corrected with an equalizer in the digital signal processor (DSP) after
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. reception. The receiver can only deteriorate the performance by adding unwanted sig-
nals (like noise, mirror signals and intermodulation signals) to the wanted signal. The
reference sensitivity performance (this is the performance which must at least be met
under. all specified conditions) can therefore be translated in a signal-to-unwanted-
signal ratio (SUSR) specification which must be met by the recciver at all times (see
also section 4.1). An approximate value for this SUSR can be found by means of BER
simulations. Tor the GSM system the required SUSR that meets the BER, FER and
RBER specification is 9 dB [Fenk ACD95]. This value can be used for the design of
the receiver, to make hand calculations and to do fast simulations. The value can only
be an approximation because it is assumed that the performance will be deteriorated
by the different types of unwanted signals in the same way. This has, in general, notto
be true. The wanted signal may for instance be less sensitive to distortion (a SUSR of
5 dB may be allowed) than to noise (where the 9 dB SUSR must be met). These differ-
ences are however small and the @ dB SUSR specification can therefore be assumed,
while the actual performance can be checked after design with BER simulations.

The reference sensitivity level is defined as the lowest possible input signal level for
which the reference sensitivity performance is still met when no other interfering sig-
nal is present. The reference sensitivity level is required to be -102 dBm [ETSI(6.2)].
This means that the total equivalent input unwanted signal level at the frequencies of
the wanted signal is -111 dBm. Noeise is the only source of signal degradation when no
other interfering signal is present. The total equivalent input noise level must therefore
at least be lower than -111 dBm.

5.3.2.2 Adjacent Channels. The reference interference performance is, like the
reference sensitivity performance, also specified via BER, FER and RBER specifica-
tions, but again an equivalent SUSR of 9 dB is assumed as specification. The reference
interference performance has to be met when one of the following random modulated
signals is present together with the wanted signal [ETSI(6.3)] :

®  an interfering signal in the same channel as the wanted signal {called ‘co-channel
interferer’) 9 dB below the wanted signal level;

m an interfering signal in the channel directly adjacent to the channel of the wanted
signal {at +200 kHz or -200 kHz) 9 dB above the wanted signal level;

m an interfering signal in the adjacent channel at 400 kHz, 41 dB above the wanted
signal level;

® an interfering signal in the adjacent channel at £600 kHz, 49 dB above the wanted
signal level.

Although the achieved performance due to these interfering signals will in first order
be rather independent of the actual signal level of both the wanted signal and the
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Figure 5.3. Degradation of the receiver performance due to a signal in the adjacent
channel 400 kHz from the wanted signal.

Table 5.1.  The in-band and the out-of-band blocking levels.

FREQUENCY BLOCKING LEVEL
IN-BAND
600 kHz £ | f—fol < 1.6 MHz -43 dBm
1.6 MHz g | f—fol < 3MHz -33 dBm
3IMH:z £ [ F=—fol -23 dBm
OUT-OF-BAND
100 kHz < f < 915 MHz 0dBm
980 MHz < f < 12.75 GHz 0dBm

interfering signal, the interference ratios are specified for a wanted signal level of -
85 dBm. Fig. 5.3 gives an example of an interfering signal at 400 kHz.

5.3.2.3 Blocking Signals. The effects of interfering signals further than 600 kHz
away from the wanted signal are specified with the blocking signal characteristics
[ETSI(5.1)]. This specification says that the reference sensitivity performance (9 dB
SUSR) shall be met for a wanted signal 3 dB above the reference sensitivity level (i.e.
-99 dBm) when a second signal, a continuous sine wave signal, is present at the level
given in table 5.1,
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Figure 5.4. Degradation of the receiver performance due to intermodulation.

5.3.24 Intermodulation. A performance degradation will also occur when two
signals generate a 3¢ order intermodulation signal that lies at the wanted signal fre-
quency. The reference sensitivity performance (9 dB SUSR) must also be met when
the following signals are present [ETSI(5.2)] :

m a wanted signal of -99 dBm at a frequency f;;
m  a pseudo-random modulated signal of -43 dBm at a frequency fi;
B acontinuous sine wave signal of -43 dBm at a frequency f;.

f; and f; must be placed at 800 kHz from each other and their 3™ order intermodula-
tion component (2 f — fi) must be at the wanted signal frequency fy. Fig. 5.4 shows
this intermodulation effect in the frequency domain.

5.3.3 GSM Transmitter Specifications

5.3.3.1 Output Power. There are five different classes of mobile stations defined
for GSM, depending on their maximum peak power. In this chapter only the class 4
mobile stations are considered. They have a 2 Watt maximum peak output power with
a 2 dB tolerance [ETSI(4.1)]. This 2 Watt power class is today the most commonly
used GSM mobile station for hand carried applications.

The nominal peak power level needs to be adaptive in steps of 2 dB for power
level control and up and down ramping, starting from a 12 dBm level up to the maxi-
mum peak power level of 36 dBm. The power control steps have to form a monotone
sequence and the required tolerance on the 2 dB intervals is =1.5 dB.

5.3.3.2 Output RF Spectrum. The output RF spectrum of the transmitted signal
results from two effects :
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Table 5.2. Specifications for the allowed RF output spectrum due to the modulation
process.

POWER LEVEL MAXIMUM LEVEL MEASURED

600 kHz
@ 100kHz @ 200kHz @ 250kHz @ 400kHz to
1.8 MHz

37 dBm +0.5 dBm -30dBm -33 dBm -60 dBm -64 dBm
35dBm +0.5 dBm -30 dBm -33 dBm -60 dBm -62 dBm
£33dBm +0.5dBm -30 dBm -33 dBm -60 dBm -60 dBm

Table 5.3. Specifications for the allowed RF output spectrum due to switching tran-
sients process.

POWER LEVEL MAXIMUM LEVEL MEASURED

@ 400 kHz @ 600 kIlz @ 1200 kHz @ 1800 kHz

£ 37dBm -23 dBm -26 dBm -32dBm -36 dBm

m the modulation process;

m up and down ramping of the power at the beginning and end of a transmitted frame.

The allowed output RF spectrum due to the modulation process is specified in ta-
ble 5.2 [ETSI(4.2)]. It gives the maximum allowed level relative to the carrier in
function of the frequency from the carrier and the carrier signal level for a 30 kHz
bandwidth. :

Table 5.3 gives some specifications for the allowed RF qutput spectrum due to
switching transients (up and down ramping) [ETSI(4.2)]. Power levels are again given
for a 30 kHz bandwidth.

5.3.3.3 Spurious Emissions. The output RF spectrum specifications of the previ-
ous section give some information about transmitted signals which are not situated in
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Table 5.4.  Measurement bandwidths for the spurious emissions specifications.

FREQUENC){ OFFSET MEASUREMENT BANDWIDTH

IN-BAND FREQUENCIES (890 MHz - 915 MHZzZ)

> 600 kHz 10 kHz
> 1.8 MHz 30 kHz
> 6 MHz 100 kHz

OUT-OF-BAND FREQUENCIES

= 2 MHz 30 kHz
= 5MHz 100 kHz
= 10 MHz 300 kHz
> 20 MHz 1 MHz
= 30 MHz 3MHz

the wanted signal band but which are inherently part of the wanted signal due to the
effects of either modulation or transient switching. There are however also in-band
and out-of-band specifications for any type of spurious signal [ETSI(4.3)].

The power measured in a bandwidth as specified in table 5.4 must for a mobile
station, when allocated a channel, be no more than :

m 250 nW in the frequency band from 9 kHz to 1 GHz;
w 1 W in the frequency band from 1 GHz to 12.75 GHz.

The power measured in a 100 kHz bandwidth must for a mobile station, when not
allocated to a channel, be no more than :

® 2 nW in the frequency band from 9 kHz to 1 GHz;
® 20 nW in the frequency band from 1 GHz to 12.75 GHz.
The power emitted by the mobile station must, under all conditions, be lower than

4 pW in a 30 kHz bandwidth in the band from 930 MHz to 960 MHz except for five
channels of 200 kHz. In these five channels the power level may be up to 36 dBm.
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Figure 5.5. The proposed transceiver architecture for GSM.

5.3.34 Spurious Emissions of the Receiver. Although not intended to perform
any transmission, a receiver can also transmit spurious signals. The spurious emissions
of a mobile station receiver, measured in a 30 kHz band, are specified to be lower than
[ETSI(5.4)] :

®m 2 nW in the frequency band from 9 kHz to 1 GHz;
® 20 nW in the frequency band from 1 GHz to 12.75 GHz.

54 A TRANSCEIVER ARCHITECTURE FOR GSM
5.4.1 Block Diagram

Fig. 5.5 gives a schematic representation of the proposed transceiver architecture. It
does not show differential and quadrature signals. The proposed architecture is a direct
upconversion ransmitter, combined with a low-IF receiver. The mirror signal suppres-
sion of the receiver is performed in the digital modulator/demodulator part. A highly
integrated transceiver chip is proposed : the transmitter and receiver are realized on
the same chip in combination with a synthesizer. There is a single synthesizer serving
both the receiver and transmitter. This is possible because reception and transmission
of frames does not occur at the same time (see fig. 5.2).

With the proposed transceiver chip it is possible to build a complete wireless com-
munication system with only five extra components : an antenna, an antenna multi-
plexer, a high frequency blocking filter, a power amplifier and a low frequency digital
signal processing chip for the demodulation and modulation of the baseband signals.

Fig. 5.6 shows a more elaborate representation of the proposed transceiver chip.
It gives an overview of the configuration of all differential and quadrature signals
and building blocks. All high frequency signals, except for the local oscillator, are
single-ended unbalanced signals. All low frequency and baseband signals are fully
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Figure 5.6.  Block diagram of the transceiver chip.

differential. The chip has a single RF input for the receiver that has to be driven from
a 50 € signal source, and a single RF output for the transmitter which can drive a
50 §2 oad. There are no external components present in the receive and transmit path,
which reduces drastically the complexity and cost of the transceiver. The signal levels
for the low frequency input and output are assumed to be 6 dBm, the required high
frequency output signal level is assumed to be 0 dBm. For the combmed duplexer and
high frequency filter a 3 dB signal loss is assumed.

5.4.2 The Receiver

5.4.2.1 The Low-IF Architecture. The proposed receiver uses a low-IT topol-
ogy. This topology allows for a direct downconversion in a single stage without the
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disadvantages of the highly sensitive baseband operation, typical for zero-IF direct
downconversion receivers.

The single stage downconversion has big advantages. It requires only one mixing
stage followed by lowpass filters, resulting in a low power consumption. Single stage
downconversion implies that there is no need for filtering in between stages. This re-
duces the number of external components (no need for ceramic IF filters), the number
of external nodes (and thus bondpads) and it reduces the power consumption because
external nodes have to be driven at much lower impedances than internal nodes.

The classically used single stage receiver is the zero-IF receiver. The zero-IF re-
ceiver however has the big disadvantage that it uses the baseband for its, still weak,
* wanted signal directly after downconversion. Moreover, parasitic DC signals caused
by mismatch, local oscillaior self-mixing and RF signal crosstalk also appear in the
baseband. These signals vary dynamically under different reception circumstances. It
is therefore very difficult to suppress them and separate them from the wanted signals
without severe loss of reception quality.

The low-IF receiver uses an, although low, IF frequency. The low-IF receiver uses,
like the zero-IF receiver, a single stage quadrature downconversion. The mirror signal
suppression is performed at low frequencies, after downconversion, which eliminates
the need for a high frequency mirror signal suppression. In the proposed architecture
the mirror signal suppression is performed in the digital modem part. A more elaborate
discussion of this low-IF architecture was given in section 3.5.1.2.

A careful choice of the low IF frequency allows for a significant reduction of the
required building block specifications. The IF frequency is chosen equal to 100 kHz.
Fig. 5.7 illustrates that the adjacent channel (at -100 kHz) is then the mirror signal.
This signal is defined by the adjacent channel interference specification for the signal
on 200 kHz from the carrier. The reference interference performance must be met
when the adjacent channel is 9 dB higher than the signal in the wanted channel. The
required performance will be met when this mirror signal is suppressed to -9 dB under
the wanted signal level. This would thus require an 18 dB mirror signal suppression.
However, the mirror signal suppression must be taken higher in order to sufficiently
suppress the tail of the adjacent signal at f;r — 400 kHz. This adjacent signal can be
41 dB higher than the wanted signal level, but it is not folded on to the wanted signal.
Only its tail can interfere with the wanted signal. This interference is limited to the
interference of the adjacent signal at f;r — 200 kHz when it is suppressed Lo the same
level. The required mirror signal suppression is then :

Required mirror signal suppression =

41dB [signal at 400 kHz to wanted signal ratio] SECRS
9dB [signal at 200 kHz to wanted signal ratio]
= 32dB
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Figure 5.7. The low-IF configuration in the frequency domain after downconversion,
showing the wanted signal and its adjacent channels.

This is equivalent with a [.5° phase accuracy and a 225 mdB relative amplitude accu-
racy. These are however very safe values which may not be necessary. The interfer-
ence of the tail is probably very low and a much lower mirror signal suppression may
be sufficient. The exact reduction of the interference performance caused by the tail of
the signals at 200 kHz and 400 kHz from the carrier can be checked with a dedicated
system level design software tool for RF which allows for bit-error-rate simulations.
This has however not been done in the work that is presented here. With such soft-
ware it is possible to determine more exactly the required mirror signal suppression
to achieve the specified frame error, bit error and residual bit error rates. The result
however will, as shown in the previous paragraph, be lower than 32 dB. However, the
quadrature generator is not only used to suppress the mirror signal in the receive path;
it is also used to obtain the required single sideband upconversion in the direct up-
conversion transmitter. The specification for the suppression of unwanted sideband in
the transmitter is higher (35 dB) and it is therefore pointless to determine the required
mirror signal suppression more accurately by means of BER simulations. A phase
accuracy of 1° and 150 mdB is implemented. This is equivalent to a mirror signal
suppression (receiver) and an unwanted sideband suppression (transmitter) of 35 dB.

The choice of 100 kHz for the IF also has the advantage that the unwanted trans-
mission (during reception) of the LO signal is situated between two channels. This
means that it does not directly degrade the quality of any signal in these channels.
Nonetheless, the 1.O feedthrough to the antenna must be limited to -30 dB.
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Figure 5.8. The blocking signal levels without HF bandpass and LF lowpass filtering.

5.4.2.2 The Lowpass Filters. The lowpass filtering will be impleinented within
or directly after the downconverter. This is possible when the filters are Hmited to
a first-order lowpass fiiter, A corner frequency of 300 kHz & 75 kHz, i.e. untuned,
is proposed. These lowpass filters introdoce, in combination with the automatic gain
control (AGC), a further reduction of the dynamic range of the low frequency output
signals. The required number of bits for the A/D-converters is directly related to this
dynamic range. The dynamic range reduction that can be achieved depends on the
order of the lowpass filter that is implemented. Here a very compact implementation
with only limited filtering capabilities is chosen, resulting in higher A/D-converter
specifications as they will also have to sample the signal in the close neighborhood of
the wanted signal. There are two types of signals specified which can be present in
the neighborhood of the wanted signal : adjacent channels and blocking signals, The
adjacent channels are shown in fig. 5.7, the blocking signals in fig. 5.8.

Fig. 5.7 shows that there can be a large adjacent signal at 400 kHz from the wanted
signal channel. This signal is close to the wanted signal frequency and it can therefore
not be suppressed with the lowpass filter when a corner frequency of 300 kHz +
75 kHz is used. The required signal-to-noise ratio (SNR) for the wanted signal is
9 dB (see section 5.3.2.1), the signal at 400 kHz can, unfiltered, be 41 dB higher than
the wanted signal, all signals further away will, due to the lowpass filtering, be less
than or almost equal to 41 dB higher (e.g. first-order filtering of a -49 dBm signal at
600 kHz with a corner frequency of 300 kHz gives a 7 dB suppression resulting again
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- in a maximum signal of 42 dB higher than the wanted signal). The overall required
dynamic range for the proposed receiver architecture is thus 51 dB (or 9 bits).

At 600 kHz from the wanted signal carrier a blocking signal of -43 dBm can appear.
The wanted signal of 99 dBm (3 dB above the reference sensitivity level) must under
these conditions still achieve a signal-to-noise ratio of 9 dB. The required dynamic
range would be 65 dB (i.e. 11 bits). A first-order lowpass filter with a worst case
corner frequency of 375 kHz will attenuate the blocking signal at 600 kHz with 4.5 dB
to -47.5 dBm and all blocking signals further away will, due to the lowpass filtering,
be less than -47.5 dBm. The required dynamic range is thus 60.5 dB (i.e. 11 bits),

With higher order filtering the dynamic range can be reduced down to a theoretical
value of 30 dB (or 5 bits) (this is the dynamic range of the wanted signal only for
all possible signat levels). However, the cost of an 11 bit A/D is not high anymore,
especially when a delta-sigma converter is used (because a conversion bandwidth of
200 kHz is then sufficient) and it is therefore better to implement a transceiver with
a lower complexity (an untuned first-order lowpass filter) at the cost of a better A/D-
converter (11 bit at 200 kHz).

The use of a lowpass filter with a nominal corner frequency of 300 kHz allows
for an untuned implementation. An untuned implementation will tesult in a corner
frequency variation (assuming 25 % variation in both directions due to capacitor and
resistor variations) from 225 to 375 kHz. As shown above, 375 kHz will still give
sufficient suppression of the adjacent signals. A 300 kHz corner frequency is situated
100 kHz from the closest possible wanted signal component (situated from near DC
to 200 kHz), resulting in this way in a minimal in band phase and amplitude distortion
for the wanted signal. ‘

54.2.3 The AGC. The dynamic range of the low frequency output signals is not
only determined by the ratio between the smallest possible wanted signal and the
largest possible adjacent signals after filtering. The ratio between the smallest and
the largest possible wanted signal is also important. This ratio gives a dynamic range
of :

Required dynamic range without AGC =

~ -12dBm [largest possible wanted signal]
—  (-102 dBm) [smallest possible wanted signal ]
- 9dB {required SNR bn the smallest possible wanted signal]
= 99 dB '
(5.2)

This is a very large value. Because both cases can not appear at the same time, this
dynamic range can be greatly reduced (down to the 60.5 dB spec of the previous
paragraph) by using automatic gain control.
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A high signal in the adjacent channels will limit the maximum applicable gain to
the wanted signal to :

Required gain when adjacent channels are present =

6 dBm [output signal level]

—  (-43 dBm) [largest possible adjacent signal] (5.3)
(-3dB) [signal loss in the duplexer].

= 52dB

For the smallest possible wanted signal the maximum applicable gain is only limited
by the blocking levels :

Required gain for the smallest possible wanted signal =

6 dBm [output signal leve]]

—  (-47dBm) [largest possible blocking signal] (5.4)
(-3 dB) [signal loss in the duplexer]

= 56 dB

18 dB of this gain is realized in the LNA, 38 dB must be realized during and after
downconversion. :

The largest possible wanted signal is -15 dBm (i.e. -12 dBm - 3 dB signal loss in
the duplexer). It requires an overall gain of : '

Required gain for the largest possible wanted signal =

6 dBm [output signal level] (5.5)
(-15dBm) [largest possible wanted signal signal]
= 21dB

The 18 dB of the LNA must under these conditions be switched off (to prevent block-
ing at the input of the downconverters) and the gain after downconversion must thus
be 21 dB.

During and after downconversion a variable and controlable gain must be realized
which can vary beiween 21 and 38 dB. This gain can be controlled by the digital
modem chip by measuring the signal level after A/D-conversion. The gain of the LNA
must be switchable between 0 and 18 dB.

54.24 DC Blocking Filters. Parasitic DC signals, mainly due to crosstalk be-

tween the mixer inputs, will still be produced in the low-IF receiver topology. The
difference with the zero-IF receiver is that they do not interfere anymore with the
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- wanted signal and that they can therefore be suppressed without degradation of the
wanted signal. The proposed low-IF approach uses only a limited low frequency fil-
tering (first order), also resulting in a limited gain (max. 56 dB) in the receive path.
Different from the zero-IF receiver (where up to 5 order lowpass filtering and 80 dB
gain 1s used) this means that the parasitic DC signals will not saturate the lowpass
filters and that they can be sampled. The maximum DC signal that can appear after
downconversion, lowpass filtering and amplification with the AGC is about -6 dBm.
The following A/D-converter can sample +6 dBm, so the DC-signal can be sampled by
increasing the dynamic range of the A/D-converters with 2 dB (i.e. 1/3 of a'bit). The
DC-signals can then be suppressed in the digital part. By postponing this suppression
until after the final downconversion to the baseband (performed in the DSP, see sec-
tion 5.4.5), the DC signal suppression will be done intrinsically with the final 100 kHz
lowpass filter (the DC signal is upconverted to 100 kHz in the final downconverter).

54.2.5 The HF Bandpass Filter before the LNA. A high frequency, high Q pas-

sive filter must be placed before the LNA. Without filtering, there can be no gain im--
plemented in the LNA. An out-of-band signal of O dBm can be present and any gain

would therefore saturate the input of the downconverters. When no filtering is used,

direct downconversion (i.e. without first amplifying the antenna signal) is necessary.

This would require from the downconversion mixers an input dynamic range of :

Required input dynamic range =

(¢ dBm [highest possible blocking level]
—  (-102 dBm) [smallest possible wanted signal level]
9 dB [required SNR on the smallest possible wanted signal level]
= 111 dB
(5.6)

And the noise figure (NF) for the downconverters must be equal to the NF usually
required from the LINA. These are specifications which are very hard to achieve, if not
impossible.

When a SAW (standing acoustic wave) filter with a bandwidth equal to the GSM
mobile station receive band is used, the out-of-band blocking signals are suppressed
and an LNA can be used. The maximally allowable gain for the LNA is equal to :

Maximum allowable LNA gain =

0 dBm [highest allowed downconverter input slignal]
—  (-23 dBm) [maxirmuin in-band blocking signal] (5.7
— (-3dB) [signal loss in the duplexer]
= 26dB
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A high gain is however hard to achieve at high frequencies and a lower LNA gain may
be used at the cost of a lower NF spec for the downconverters. The use of a blocking
filter will introduce some signal Ioss. A maximum of 3 dB signal loss for the duplexer
- blocking-filter combination can be accepted.

A second reason for using a SAW filter is the parasitic mixing with higher order
harmonics of the oscillator. Without filtering, the antenna sigrial is broadband and
a 0 dBm signal at e.g. 2.7 GHz can be mixed with e.g2. a 30 dB suppressed second-
order LO harmonic, resulting in a -30 dBm signal. This signal would, after mixing,
be superimposed on a -99 dBm wanted signal. A strong suppression befote mixing of
the signals at 2.7 GHz is thus very Important,

5.4.2.6 The LNA. The gain in the low noise amplifier (LNA) may, according to
equation 5.7, be maximally equal to 26 dB. High gains are however difficult to achieve
at high frequencies. The gain in the LNA is therefore set to 18 dB. Under these cir-
cumstances the largest possible blocking signal after the LNA is equal to -8 dBm, The
largest possible wanted signal (—15 dBm) would be amplified to +3 dBm which is a
too large value for both the output of the .NA and the input of the multipliers. The
gain of the LNA must therefore be switchable between 0 dB (used under the condition
of a large wanted signal) and 18 dB (used under the condition of a low input signal).

The required total equivalent input noise figure (NF) which must be achieved at all
times at the antenna input (i.e. before the duplexer) is equal to :

Regquired total equivalent input NF =

-102 dBm [smallest possible wanted signal]
- 9dB [required SNR on smallest possible wanted si gnal]
(-173.9dBm + 53.0dB) [the noise of 50 £ in 200 kHz]
= 9.9dB

(5.8)

An extra margin must be taken on this value in order to meet the required speci-
fication even when accumulation with other noise sources (like the downconversion
mixers and the VCO) occurs [Bird RFD93]. The total equivalent input noise figure
spec is therefore set to 9 dB (maximum value). The loss in the duplexer and blocking
filter is assumed to be typically 3 dB, maximum 3.5 dB. The noise figure for the LNA
is set to 4 dB (maximum value).

5.4.2.7 A Bandpass Filter between LNA and Downconverter. The use of a band-
pass filter between the LNA and the downconverter is not necessary when a highly lin-
ear LNA and a non-switching downconversion mixer are used. A bandpass filter after
the LNA suppresses the second and third order harmonic components of the RF signal
(at 1.8 and 2.7 GHz) which are generated within the LNA due to a limited linearity. A
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- switching mixer (multiplication with a square or near square wave) would bring these

unwanted harmonics down to the same IF frequency as the wanted signal. The use
of a CMOS technology allows for the realization of a highly linear LNA (2™ and 3
harmonic components < -50 dB) and a highly linear non-switching mixer (2°¢ and 3¢
LO harmonic < -30 dB), resulting in a sufficient suppression of the unwanted mixing
products. ‘ '

From the above specifications the required input third order intercept point perfor-
mance, IP3, for the LNA and the mixer can be calculated. 2™ harmonic distortion
can be sufficiently suppressed by using a fully balanced LO signal. The required third
order distortion spec, HD3, will be reduced because of the filtering effects which will
occur at 2.7 GHz. Assuming a value of 10 dB filtering, the HD?3 specification becomes
40 dB. The third order intermodulation, IM3, is 10 dB higher than HD3, resulting in
an IM3 of 50 dB for an input signal of -26 dBm. This is equivalent to an IP3 of -
1 dBm (= —26 dBm + 50 dB/2). The mixer must then have an input IP3 of 17 dBm
(i.e.-1 dBm + 18 dB LNA gain).

The elimination of the filter between the LNA and the downconverter offers many
benefits. It reduces the number of external components, and thus the cost, and it also
reduces the power consumption, because going off-chip to drive the external filter
requires a matching circuit which can drive a 50 £ load. The extra advantage is that
the linearity of the LNA can be much higher when the impedance which it has to drive
is higher (e.g. 250 £2).

5.4.2.8 TheDownconverter. The NF required from the components after the LNA
added to the noise of the LNA (5 dB), must be lower than the required equivalent iniput
noise figure before the LNA under worst case conditions (i.e. 5.5 dB, or 9 dB - 3.5 dB,
the duplexer loss). This gives an equivalent NF before the LNA for the components
after the LNA of 3.1 dB. The required NF of the downconverter, lowpass filters and
variable gain amplifiers, is therefore :

Required NF for components after the LNA =

3.1dB [excess NF] (5.9)
+ 18dB {LNA gain]
= 21.1dB

A safety margin should be taken on this noise figure. The noise figure of the down-
converter is therefore set to 20 dB (maximum value). This value results in a total
equivalent input noise for the complete receiver (i.e. LNA and downconverter) at the
antenna input (before the duplexer) of 6.6 dB NF (the required value is 9.9 dB, see, .
equation 5.8). The noise figure of a quadrature downconverter is 3 dB higher than the
noise figure of its individual downconverters (see section 4.2.2.2). The required NF
for each individual downconversion path is therefore 17 dB.
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5.4.3 The Synthesizer

54.3.1 TheVCO. A low phase noise voltage controlled oscillator (VCO} is an es-
sential building block for the transceiver. The phase noise specification is determined
by the unwanted downconversion of adjacent channels. For the adjacent channel at
400 kHz this gives :

Reguired phase noise due to adjacent channels =

-41 dB [adjacent signal at 400 kHz to wanted signal ratio]
— 9dB [required SNR on smallest possible wanted signal]
53.0d4B [200 kHz bandwidth]
= -103 dBc/Hz @ 400 kHz
(5.10)
For the blocking signal at 600 kHz this gives :
Required phase noise due to blocking signals =
-102 dBm [smallest possible wanted signal]
- 9dB [required SNR on smallest possible wanted signal]
- (-43dB) [blocking signal at 600 kHz]
- 53.0d4B [200 kHz bandwidth]
= -121 dBc/Hz @ 600 kHz
(5.11)

The latter is more stringent and therefore taken as specification [Cran CASII95]. An
extra margin of e.g. 4 dB must be taken on this value.

5.4.32 ThePLL. Two aspects determine the design of the PLL : the phase noise
of the synthesized signal and the transient synthesizer requirements such as settling
time [Cran CASTI9S, Gard 1979]. Noise arises from three sources : the phase noise of
the reference source, the phase noise of the VCO and the phase noise introduced by
the fractional-N synthesis with sigma-delta (X/A) techniques. The X/A technique is
proposed because it gives a much better performance than the classically used accu-
mulators [Riley JSSC93, Riley CASII94].

The prescaler must have a tuning range equivalent to the required VCO tuning
range. Since the phase noise of the reference is multiplied with the division factor,
this number must not be too high. However, the reference frequency must not be too
high either, in order to allow an easy implementation of the X/A modulator and the
phase detector. The PLL requires the following blocks : a divide by 64+N counter,
a 26.0 MHz Xtal clock reference, a phase detector, a loop filter and a sigma-delta '
modulator.
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'5.4.3.3 The Quadrature Generator. The guadrature generator must produce qua-
drature output signals with a phase accuracy of less than 1° and a relative amplitude
accuracy of less than 150 mdB (requirements set by the low-IF downconversion topol-
ogy and the direct upconversion transmitter topology, see section 5.4.2.1) in a broad
passband around 900 MHz. The broad passband is required to serve both the reception
and the transmission path and to avoid any necessity for tuning or trimming. A large
bandwidth can be achieved by using a second-order quadrature generator structure.

5.4.4 The Transmitier

5.4.4.1 The Upconverter. The proposed transmitter uses a direct upconversion ar-
chitecture. In this topology baseband signals are directly upconverted to the wanted
carrier frequency by means of quadrature multiplication. This ensures very low out-of-
band spurious signals and it requires no external high frequency filter for mirror signal
suppression. In this topology the carrier frequency is equal Lo the local oscillator fre-
quency and special attention must be given to the possible influence of the antenna
signal with its high output power level on the PLL control phase locked loop loop.
This effect is minimized by using a separate power amplifier which is implemented
on a different die and by using at the same time a fully integrated VCO. In order to
have a very good isolation not only the vari-cap is integrated on the die with the VCO,
but the complete LC-tank (the inductor included) is integrated with the VCO [Cran
VLSI96]. In that case the VCO has not a single external pin with a high frequency
signal on, making it very insensitive to the signal at the output of the power amplifier
on a different die. Nonetheless special care must be given to the design and layout of
a VCO with very low sensitivity, e.g. by using large signals (+6 dBm) in the VCO and
at the input of the prescaler/counter. Special care will also have to be given to a very
good decoupling of power supply and ground nodes.

Both the phase and amplitude information of the wanted signal, together with the
frame shape information (for up and down ramping) is generated in the digital modem
chip and synthesized with a 6 bit D/A-converter. Control of the output power level
and suppression of second and third harmonic distortion components is performed in
the power amplifier. The power amplifier is driven from a preamplifier which delivers
a 0 dBm output signal to a 50 €2 load at the input of the power amplifier.

The required SNR for the transmitted signals is 30 dB. This implies a quadrature
accuracy of less than 1.5°. An extra margin of 5 dB is taken for this value. This
sets the quadrature accuracy requirements to a 1° phase error and an amplitude error
of 150 mdB. Third other intermodulation must be smaller than -30 dB and the input
dynamic range must be higher than 30 dB.

5.4.4.2 The Anti-Aliasing Filter. The baseband quadrature signals, synthesized
with the D/A-converters in the digital modem chip, have to be lowpass filtered for anti-
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aliasing before upconversion. Extra filtering is necessary when the input bandwidth
of the upconversion mixers is not low enough to perform this task. Especially when
delta-sigma D/A-conversion is used, this anti-aliasing filtering can be of a first-order
untuned passive nature which can be easily implemented in the digital modem chip.

5.4.43 The Preamp. The preamp must converta 0 dBm signal from a high impe-
dance (e.g. 250 €) to a 50 & output impedance. Its most important specifications are
input bandwidth (200 kHz) and IM3 (< -304dB).

5.4,5 The Digital MODEM Chip

The digital modemchip has to perform the following functions :

B peak value measurement of the sampled receive signal and control of the analog
VGA;

m final downconversion of the receive signal at low IF to the baseband;
m A/D and D/A with anti-aliasing;

® high order lowpass filtering of the baseband receive signal;

» demodulation of the baseband quadrature receive signal;

m baseband synthesis of the quadrature signal to be transmitted.

Only the functions in italics are different from the classical digital modem chips for
sero-IF or zero-TF like receivers. The digital circuitry must of course also control the
signal flow (frequency and time allocation), output levels and switching of the antenna
signal, but this has no influence on the design of the analog transceiver front-end part
as proposed here.

5.4.5.1 The Final Downconversion. The block diagram for the digital downcon-
version from the 100 kHz IF frequency to the baseband, is given in fig. 5.9. The
baseband signal, generated in the analog front-end is sampled with a 10 bit accuracy.
The wanted information is still centered around the 100 kHz IF frequency, together
with the mirror signal which is not yet suppressed and which has to be suppressed
in the digital modem chip. The input signal is still a broadband signal (up to several
MHz), but its dynamic range is guaranteed to be, for all frequencies, lower than 66 dB
(see section 5.4.2.2). Only the lowest baseband signal, from DC to 200 kHz, has to
be sampled with this accuracy. For all other signals it is only important that they do
not saturate the A/D-converter and that they do not give aliasing components into the
wanted signal band. Saturation can not occur as all signals have a dynamic range lower '
than 66 dB. Aliasing can occur when non sufficient anti-aliasing filtering is performed.
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Figure 5.9. Final downconversion to baseband in the digital modem chip.

How much anti-aliasing has to be performed depends on the used oversampling ratio
in the A/D-converters, A T/A-converter would have a very high oversampling ra-
tio and a first-order anti-aliasing filter would suffice. This requires however the use
of a decimation filter which has to be implemented in the digital signal processing
part [Optey KUL90}. A trade-off can therefore be made in the digital design and the
choice of the A/D-converter.

The final downconversion is performed in the digital modem chip by means of a
double guadrature multiplication of the sampled signal with a quadrature sinusoidal
signal of 100 kHz. This will downconvert the wanted signal to the baseband, centered
around DC, and it will upconvert the mirror signal to a center frequency of 200 kHz.
This means that after this operation they can be separated by means of lowpass fil-
tering. For the actual implementation of the sine generator and the multipliers many
trade-offs can be made. A lot depends on the used clock frequency and the ratio be-
tween the clock frequency and the IF of 100 kHz. The use of a & A-converter for the
A/D-converter results, before dectmation, in a bit stream signal. This has the advan-
tage that multiplication of this bit stream signal with a sine and cosine reduces to the
inverting and non-inverting of numbers. Decimation can then be performed after the
final downconversion together with the lowpass filtering. Again, many. trade-offs can
be made in the design of the digital signal processor.

5.4.5.2 The Digital Lowpass Filter. After the final downconversion all unwanted
signals (mirror signal, adjacent channels and the upconverted parasitic baseband sig-
nals) must be fully suppressed. This can be done with two high order (e.g. 64 or 128

—
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Figure 5.10. Peak detection, gain control and lowpass filtering in the digital modem
chip. :

taps) digital lowpass filters with a corner frequency of 100 kHz. Fig. 5.10 shows the
position of these lowpass filters. These filters are not different from the lowpass filters
used in any other receiver topology. The corner frequency has to be taken slightly
lower (e.g. 98 kHz) in order to also fully suppress the upconverted DC-signals which
are now situated at 100 kHz.

5.4.5.3 Peak Detection and AGC Control. After each filter operation the signal
levels must be adjusted to the input signal capability of the succeeding stages. This
is done by means of two AGC functions : an analog-digital AGC for the first lowpass
filtering and a fully digital AGC for the final high order lowpass filtering. The analog-
digital AGC is an analog VGA amplifier controlled from a digital peak-detector. The
VGA can be changed in steps of 6 dB. The gain must be increased with 6 dB when
the maximum of the peak values of the sampled I and Q signal is lower than -8 dB
below the input signal capability of the A/D-converters (+6 dBm). The gain must be
decreased with 6 dB when the maximum of the peak values of the sampled I and Q
signal is higher than 1 dB below the input signal capability of the A/D-converters. The
gain of the LNA (18 dB) must be switched off when the gain of the analog VGA can
not be decreased any further while, according to the previous rule, it should. The gain
of the digital AGC must be able to be varied between 0 and 55 dB.

5.4.6 Overview of Circuit Level Specifications

Fig. 5.11 shows the obtained level diagram for the proposed low-1¥ receiver architec-
ture, The signals in fig. 5.11 are :

(1) : The highest possible wanted signal
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Figure 5.11.  Level diagram for the proposed GSM transceiver.

(2} : The smallest possible wanted signai when high adjacent channels are present
(3) : The smallest possible wanted signal

(a) : The highest possible blocking level under condition (3)

{b) : The highest possible unwanted adjacent signal under condition (2)

Tables 5.5, 5.6 and 5.7 give an overview of the derived building block specifica-
tions for respectively the receiver, the synthesizer and the transmitter of the proposed
transceiver chip for GSM.

5.5 CONCLUSION

In this chapter the full high-level design of a GSM transceiver front-end was given as a
practical illustration of the new design techniques which where proposed in chapters 3
and 4. As receiver architecture a low-IF receiver with the final downconversion per-
formed in the baseband, was proposed. On the one hand, this architecture gives a good
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Table 5.5. Overview of the derived buitding block specifications for the receiver of the
proposed GSM transceiver chip.

Receiver
BUILDING BLOCk SPECIFICATION VALUE
HF bandpass filter Passband 935 MHz to 960 MHz
Signal loss < 3.0 dB, typical
LNA Gain 0 dB or 18 dB, switchable
Bandwidth > 1GHz
Output signal capability -8 dBm
Input signal capability -26 dBm
-13 dBm with ¢ dB gain
Input IP3 -1dBm

Noise figure

< 4 dB with 18 dB gain

Downconversion mixers

Lowpass filters

[F frequency

Input bandwidth
Output bandwidth
Input signal capability
Input IP3

Output signal capability
LO mixing signal
Conversion gain

Noise figure

Corner frequency

100 kHz

1 GHz
see lowpass filter

-8 dBm

13 dBm

see VGA
0dBm

21 dB, part of the VGA gain
< 17 dB
300kHz &£ 75 kHz

Variable gain amplifiers  Gain 21 to 38 dB, in steps of 6 dB
Bandwidth see lowpass filter
Output signal capability 6 dBm

A/D-converters Input bandwidth 200kHz
Dynamic range 11 bit

107



HIGH-LEVEL SYNTHESIS 131

Table 5.6. Overview of the derived building block specifications for the synthesizer of
the proposed GSM transceiver chip.

Synthesizer

BUILDING BLOCK SPECIFICATION VALUE
VCO Tuning range 890 MHz to 960 MHz
Phase noise -121 dBc/Hz @ 600 kHz
Phase locked toop Reference frequency 26 MHz
Frequency divider 644N counter, withN =1..9
Quadrature generator Center frequency 900 MHz
Bandwidth > 200 MHz
Output signal 0 dBm
Phase accuracy < 1°
Amplitude accuracy < }50 mdB
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Table 5.7. Overview of the derived building block specifications for the transmitter of
the proposed GSM transceiver chip.

Transmitter

BUILDING BLOCK SPECIFICATION VALUE

Upconversion mixers Output bandwidth 1 GHz
Input bandwidth > 150 kHz
LF input signal +6 dBm
Output signal 0dBm
M3 < -30 dBm
Oscillator feedthrough "~ < -30dBm
LO mixing signal 0 dBm
Conversion gain -6 dBm

Preamp Bandwidth 1 GHz
M3 < -30dB
Tnput signal capability 0 dBm ¢high impedance)
Output signal capability 0dBm
Gain 0dB
Output driving capability 50
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- example of the high degree of integration that can be achieved by using the complex
signal techniques to synthesize the receiver and transmitter architecture. On the other
hand, this architecture gives also a good insight in how, with an ever further evolution
of A/D-converter technology, the interface between analog and digital signal process-
ing can be placed closer to the antenna. The proposed high-level design for a GSM
transceiver front-end is therefore a representative example of how transceiver design
for future generations wireless applications will be different from the classically used
techniques.
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6 BUILDING BLOCKS FOR CMOS
TRANSCEIVERS

6.1 INTRODUCTION

Today, transceiver implementations usually use a combination of different technolo-
gies : CMOS for the baseband digital signal processing, silicon bipolar or BICMOS
for the downconversion, upconversion and TF signal processing and for instance GaAs
for the LNA, the duplexer and the power amplifier. The level of integration that is
reached in transceiver design is therefore, especially when compared to other inte-
grated telecommunication realizations, still very low. Market demands are however
for a lower power consumption, a lower weight and physical volume and a lower cost.
These demands require an evolution to a much higher degree of integration. This can
be achieved by using new receiver and transmitter topologies (see chapter 3), but it
also requires a unification of the technology used for the design of transceiver build-
ing blocks. :

A transceiver’s baseband DSP consists of an enormous amount of digital gates (up
to several hundred thousand gates). On itself it occupies more than 75 % of the (otally
used chip area in a transceiver. It is therefore obvious that it has to be realized in
the technology which offers the highest possible density at the lowest possible power
consumption and cost price. This means that for the DSP state-of-the-art CMOS tech-
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nelogies have to be used. The use of any other technology, including BiCMOS tech-
nologies, would result in a significant reduction of the performance, an increase of the
required chip area and a significant increase of the chip cost. Often it is argued that the
cost price per area of a BICMOS technology is only slightly (e.g. 50 to 100 %) higher
than the price per area of an advanced sub-micron CMOS process, which would make
BiCMOS the preferred technology for RF integration because of the higher degree of
integration and the faster design cycle that can be achieved. Today, when looking at
the single-chip integration of the analog transceiver front-end, this is true, especially
because the chip area required for the implementation of analog circuits does not de-
pend so much on the minimal gate lengths of the MOS devices in the used technology.
However, as stated hefore, BICMOS can not remain the preferred technology in the
future if one is going to consider the single-chip integration of the full transceiver. A
BiCMOS technology has only advantages for the analog front-end part which is only
25 % or less of the full transceiver chip area. For the remaining 75 % of digital cir-
cuitry it has no advantages. In fact, the area and cost of a DSP increases significantly
when it is realized in BiCMOS instead of the most advanced CMOS process. This
means that either the idea of full transceiver integration must be abandoned or new
design techniques will have to be developed which will allow the implementation of
RF circuits in the preferred process for the DSP, the most advanced sub-micron and
deep sub-micron CMOS processes.

There is of course one major drawback when using a CMOS technology for the
realization of RF circuitry : the poor performance of MOS devices compared to bipolar
devices. Bipolar devices can have, for the same current, a 5 to 10 times higher g,
than nMOS transistors. This is a property which will not change with the further
development of CMOS technologies towards deep sub-micron gate lengths. This MOS
property is mainly a drawback for the realization of output buffers which have to drive
signals off-chip into a 50 £ load. These are power consuming building blocks and a
good power efficiency is therefore one of their main requiremenfs. The use of new
receiver and transmitter topologies that can be highly integrated, reduces this problem
considerably. TF stages are omitted (see chapter 3), and in this way the number of high
frequency output nodes terminated to 50 2 is reduced from 3,4 or 5 to only one, ie.
the output of the transmitter.

A more important problem is the poor frequency performance of a MOS device
compared to a bipolar device. A MOS device with a 5 times lower g,,/f ratio than
a bipolar transistor, will on top of that also have a lower fr. A bipolar transistor
can have an fr of 30 GHz. In today’s sub-micron technologies, an nMOS transistor
has at a low Vgs — Vr (i.e. in the region where it has a good power efficiency) an
fr of maximally 10 GHz. The further downscaling of CMOS technologies to deep
sub-micron gate lengths, like 0.15 m, will however resolve this problem. fr's of
100 GHz have already been reported [Gray CICC95] and because of the much higher
investments made for the development of CMOS processes than bipolar, it may be
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. expected that bipolar and BiCMOS technologies will not be able to follow this trend.
With fr’s of ntMOS devices getting close Lo the f7’s of npn devices, deep sub-micron
CMOS technologies will become a viable alternative for BiICMOS technologies to
do system infegration. In fact, some silicon foundries may decide not to develop a
BiCMOS technology anymore derived from their deep sub-micron CMOS process.
Instead they may choose to develop only an analog version (i.e. add only high quality
resistors and capacitors) of their highly advanced CMOS process, making it in this
way suited for the realization of advanced full system integration.

In this chapter the realization of analog transceiver front-end building blocks in
CMOS is studied. The goal is to demonstrate that RF circuits realized in deep sub-
micron CMOS technologies can be an alternative for bipolar RF circuits and that they
can achieve equal or better performances. For this, new circuit techniques have to be
developed which exploit the advantages of CMOS and which overcome its disadvan-
tages. It is not the intention to obtain improved results based on specific features of
newly available CMOS technologies. Instead, circuit design techniques are introduced
which depend on general properties of MOS devices and chip realizations are made
in a wide variety of sub-micron CMOS technologies that have passive components
available. In this way it is assured that the circuit design techniques for CMOS RF
integration which introduced and demonstrated in this chapter will also hold for future
generations of sub-micron and deep sub-micron technologies.

6.2 CMOS MIXERS
6.2.1 Multiplying in CMOS

The linearity of an RF mixer is in most cases rather limited. The Gilbert topology is
the most common used in a bipolar technology [Gilb ISSC68, Gilb ISSCC83]. Its op-
eration is based on a translinear configuration, i.e. the use of the exponential voltage to
current conversion of the bipolar transistor. Techniques like predistortion and emitter
degeneration are necessary to obtain a reasonable linearity. Imperfections in this struc-
ture combined with a limited matching will render a third-order intercept point (IF3)
which can only be slightly larger than 0 dBm [Meyer JSSC86]. In CMOS a double
balanced structure which cancels out the quadratic term of the MOS transistor can be
used [Baban JSSC85, Song JSSC90]. These mixers not only have a limited linearity
which highly depends on matching, even more important is their limited frequency
range. The input transistors of these mixers can only be biased with a relatively smatl
Vs — Vr in order to keep them in saturation at all times. The result is large input
transistors which limit the maximal achievable input bandwidth to about 100 MHz.

A better solution is to use the transistors in the linear region, preferably with a large
Vs — V. In this way a small Rps can be realized with a small transistor, allowing
a high input bandwidth. This property has been used to realize high frequency GaAs
commutating mixers [Rober 1989]. The transistors are being used as pass-transistors
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and therefore the linearity of these mixers does not depend on the voltage-to-current
conversion characteristic of the transistors. The linearity is mainly determined by the
speed limitation of the pass-transistors and by the generation of spurious signals during

. switching. This technique can also be used in CMOS. The output signal after com-

mutation is however still a high frequency signal and it can therefore not be further
processed in CMOS. However, teceivers only require a downconversion mixer and
this means that the output bandwidth may be limited. A solution based on subsam-
pling with a switched-capacitor structure has been proposed in [Chan ESSC93, Shen
ISSCC96, Sheng ISSCC96]. The MOS-transistors are used as pass-transistors and an
IP3 of 27 dBm has been reported. Drawback of subsampling is the high noise level
that is obtained due to aliasing.

A CMOS mixer with very high linearity can be realized by using the linear voltage-
to-current characteristic of the MOS (transistor in its triode region [Song JSSC86]. The
use of a double balanced structure cancels out the common-mode DC biasing signals
and the non-linear dependency of gps on Vps. The remaining problem is still the
further processing of the high frequency output current. This limits in [Song JSSC86]
the bandwidth to 200 MHz at the cost of a high power consumption and a reduced
linearity of the output stage.

6.2.2 A Highly Linear CMOS Downconversion Mixer

Fig. 6.1 presents a new downconversion mixer topology with a very high linearity. The
proposed topology is based on the topology of [Song JSSC86] and [Czarn CAS86]
which use a cross-coupled structure of 4 nMOS transistors modulated in their linear
region. There is however a very important difference. Two extra capacitors have been
added on the virtual ground nodes of this topology (the capacitors C, in fig. 6.1).
Indeed, the output stage, the opamp and the feedback resistors, which convert the
output current of the mixing transistors back into a voltage, must, in a downconversion
mixer, only be able to produce low frequency output signals. However, in order to let
the input structure operate correctly for all frequencies, there may not be a signal on
the virtual ground nodes of the mixer at any time. This is normally obtained with the
feedback structure over the opamp which creates the virtual ground at its inputs, but
when the op-amp is cnly capable of creating this virtual ground for low frequencies
the transistors in the input structure will operate as pass-transistor for high frequency
signals. It is for this reason that the capacitors C, have been added. They ensure that
all high frequency currents injected to the virtual ground nodes are filtered out and
not converted into voltages. At low frequencies, the opamp still generates the virtual
ground. By using the structure of fig. 6.1, it becomes possible to split the design of the
input structure and the opamp. The input structure can now be optimized for operation
at very high frequencies (more than I GHz), while the opamp can be designed for low.
frequency operation (a few MHz).
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Figure 6.1. The proposed topslogy for a highly linear downconversion mixer.

With a perfect virtual ground, the currents through the modulated transistors are
given as [Laker 1994] :

Ipsg = pBi- (V;p —Veo.nc— Vrp1 — L‘z‘@ﬁ) . (Vfo —Vio.pc)
Ipsa, = B (VEF — Vio,pc — Vrno — Wo—j@-ﬂ—c) . (VL_O - VLo.Dc)
Ipsy = fs- (V};FF — Veo.nc — Vrna — VL_O—_;LP'E) -(Vio = Vwo,nc)
Ipsa = P4 (V,EF — Vio.pc — VTn,;l - L_;@ﬂ) (Vi - Vio.nc)
(6.1)

The bulk effect gives in first order a linear change around the bias point which
is canceled with the double balanced structure [Song JSSC86]. Assuming perfect
matching and no bulk-effect, the output signal is then :

Vi Vo = Rp-((h — 1)~ (s — 1)
BRy-(Vep —Vap) - (Vip = Vi) (6.2)

Mismatch between the input transistors has two effects. £ and Vr mismatches both,.

result in the appearance of residual DC-offset voltages. These offset voltages either
appear directly on the output of the mixer or they result in direct feedthrough of the
RF and LO signal to the output caused by multiplication of these signals with the
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offset voltage. The RF and LO signal are however high frequency signals. A direct
feedthrough of these signals will therefore be strongly suppressed by the added capac-
itors Cy. The second effect, caused by § mismatch, is the appearance of a quadratic
V1o component in the output signal (see section 2.4.2 for more information on this
effect).

VrL‘ - Vofm = pB-Ry- (V;F = Vep) - (VEO — Vi)
+AB Ry (Vi — Vi) (6.3)

This explains why the RF signal is best applied to the gates of the modulating tran-
sistors. A guadratic Vgr component would be highly unwanted. The squared RF
signal has frequency components at twice its center frequency and at the baseband.
The high frequency components are filtered out, but the baseband components will
degrade the wanted baseband signal. The bandwidth of this parasitic baseband signal
is equal to the bandwidth of the RF signal (e.g. 100 MHz). Most of its power will how-
ever be situated at the lower frequencies, in a band equal to the correlation bandwidth
of the RF signal (which is about equal to the bandwidth of a transmission channel,
e.g. 200 kHz). The squared LO signal results only in an extra DC component at the
output of the opamp. This DC signal can also be a problem. It can be as large as the
wanted signal and in that case it will saturate the succeeding filters, but with the use of
dynamic DC suppression techniques these components can be sufficiently suppressed
without generating too much distortion [Rab ACD93] (see also section 2.4.2).

6.2.2.1 Mixer design. The DC biasing levels of the RF and LO signal must be
chosen carefully. There will be a lot of distortion when the modulating transistors are
not kept in the triode region at all times. Fig. 6.2 and equation 6.4 define the voltages
applied to the sources, drains and gates of the modulated transistors. m(z) is in this
equation the normalized antenna signal, varying between —1 and +1.

Vie = Veroc+ Verrac:m(t)

Vee = Vrrpc— Vrrac m(t)

Vi, = Vwio.pc+ Vio.ac - sin(wnt)

Vio = Vwo.pc— Vio,ac - sinlapt) (6.4)

The smallest possible level that can appear at the gates is Vgr pe — Vrr ac. This
level must be at least a V¢ higher than the largest possible source level, which is
Vio.pc. Otherwise the transistors will be turned off during a part of each mixing
period. Saturation of the modulated transistors will appear when the largest possible
drain-source voltage Vps becomes higher than the smallest saturation voltage Vpg, o
that can appear. The highest possible drain-source voltage is Vo, ac. The saturation
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Figure 8.2. Definition of the different voltages applied to the source, drain and gate of
one of the mixing transistors.

voltage is equal to Vs — Vr and its smallest possible level is Vrr.pe — Vrr.ac —
Vio.pc — Vr. Continuous operation in the linear region is thus guaranteed when :

Vas.oc > Verrac + Veo,ac + Vr (6.5)

Continuous operation in the linear region is not necessary. Saturation does not
directly resultin distortion. Operation in the saturation region results in the generation
of quadratic components, but the cross-coupled double balanced structure makes sure
that all quadratic components in the voltage to current conversion characteristic of
the modulated transistors are cancelled out [Baban JSSC85, Song JSSC90]. It is only
under the influence of mismatch between the four mixing transistors that they will
interfere with the correct operation of the downconversion mixer. Therefore, excursion
in the saturation region may be allowed up to a certain point. The lower limit for
correct operation becomes : :

Ves.pc > Verpac + Vr (6.6)

The proposed downconversion mixer is designed to operate on a 5 V power supply
voltage in a standard 1.2 pom CMOS process. Information on the proposed process can
be found in appendix A. The LO DC level is taken to be 1.15 V, making the maximal
LO signal that can be applied 4.6 V, differential (this is equivalent to 17.2 dBm).
An RF DC level of 3.85V allows an input signal of 4 times Vrr.pc — Vio.pc — V7,
which gives 8 Vp differential or 22.0 dBm for the 1.2 pm CMOS process. These are
very high values for an RF mixer, resulting in a topology which renders an excellent
linearity. Saturation will occur when 4 (Ve ac + Vig.ac) = 8 Vpp. The applied LO
signal is for this reason limited to 2.5 Vpp differential, so that an RF signal of 5.5 Vg
still can be applied without driving any of the modulated transistors into its saturation
Tegion.

The use of a large Vgs — Vr makes it possible to realize a large nominal (i.e.
biased at Vg r, p) conductance gps with a small transistor, which gives small parasitic
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capacitances (less than 20 {F) and thus a high input bandwidth. The W/L of the
modulated transistors is 6, their gpg is 1 mS. The four modulated transistors are the
only high frequency part on the chip and they take up very little area. Because of
their small parasitic capacitances the on-chip RF-to-LO crosstalk, which is mainly
determined by the absolute mismatch between Cgs values, is also very small. Hence,
RF to LO crosstalk is mainly caused by off-chip crosstalk and crosstalk between the
bonding wires. The mismatch between small transistors may be large, resulting in a
larger self-mixing of the LO signal. A trade-off has to be made here, but in general
more LO self-mixing can be allowed than RF-to-1.O crosstalk (see previous section).

The use of a large Vg — V7, and thus small mixing transistors, has also as effect
that the input bandwidth is completely determined by capacitances of the bonding
pads. As a result very high frequency performances can be achieved.

6.2,2.2 Frequency Domain Behavior. The well known negative feedback config-
uration of fig. 6.3 suppresses any signal at the virtual ground node when a perfect
opamp is used. An opamp has however always a limited gain-bandwidth GBW and
DC-gain Ap. With a limited GBW the transfer function from the input to the virtual
ground becomes (Ap, C and C, are not taken into account) :

—_ J— . 1
Vo __ Ru '2-GBW . "V Gaw ©6.7)
Vin 1+R.f+an_- w 1+A_j—a)
Rm 27 GBW - GBW
The transfer function from the input to the output is :
Ry
Voul - R‘:" —A
= _ _ ~ ) (6.8)
Vin I+RI+R’".‘ “ 1 j——

+A-]
Rm  '2m  GBW 2m - GBW

Normally, the conclusion to be drawn from these equations is that the GBW must
be a certain factor higher than the highest frequency component that has to be pro-
cessed. This is also true if the circuit would be used as lowpass filter with an extra
capacitor Cy in the feedback loop. However, here in the mixer topology the situation
is different. There is a very large spectrum of input currents to the virtual ground node,
basically starting from DC up to twice the LO frequency (more than 2 GHz), but the
wanted signal takes up only a few hundred kHz situated at the baseband. The output
bandwidth BW, given in equation 6.8 as GBW /A, only has to be 500 kHz or more.
By designing it to be 1 MHz this specification is fulfilled independent of absolute pa-
rameter variations. Equation 6.8 shows that this limited bandwidth can be realized
by using an opamp with a small GBW. In combination with a feedback capacitor Cy
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Figure 6.3. The negative feedback configuration (represented single-ended).

the bandwidth can be lowered further and positioned more accurately. The use of an
opamp with a small GBW poses however a problem. As equation 6.7 reflects, beyond
the BW the input signal is directly transferred to the virtual ground node. It is not
suppressed anymore by the opamp via the feedback construction. The solution for this
problem can be found in adding extra capacitance to the virtual ground nodes. This
introduces an extra pole in both equation 6.7 and 6.8 situated at 1/(27 - R;, Cy). In
order to suppress the signals appearing on the virtual ground without changing the
output bandwidth, its value must be positioned between 1/(27 - RyCy) and the BW.
Fig. 6.4 displays the transfer function from the input to the virtual ground and the
output, asuming a perfect opamp with an open-loop gain Ag.

6.2.2.3 Opamp Design. The opamp topology is shown in fig.-6.5. It is a symmetri-
cal folded cascode structure succeeded by a source follower which performs buffering
and level shifting. The opamp runs on a 5 V power supply voltage. The output DC
level is 1.15 V. It is kept on this level with a standard type common-mode feedback :
the common-mode signal of the output is measured at the middle of a high-ohmic re-
sistor placed between the two output nodes, Table 6.1 gives the W and L values for
the different transistors in the proposed opamp. The GBW of the opamp is 100 MHz,
but because of the partial feedback the second, non-dominant, pole can be sifuated at
only 30 MHz. The feedback resistors over the opamp are 60 k2, which makes the
conversion gain very high. The conversion gain is almost 20 dB for a 12 dBm LO
signal. An extra towpass filter of 1 MHz is implemented with the feedback capacitors
C; (2.5 pF). This small output bandwidth and the high conversion gain are required
by for instance a zero-IF or low-1F type receiver structure. The extra filtering and am-
plification that is performed in the output stage of the mixer relaxes in these topologies
the specifications for both the output stage of the opamp and the succeeding stages of
the receiver because of the reduced dynamic range of the output signal when it is more
filtered.
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Figure 6.4. Transfer function of the mixer used as amplifier {the dotted line gives the
transfer function to the virtual ground node when C, is not present).

Figure 6.5. The circuit topology of the low frequency opamp.
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Table 6.1.  Device sizes for the low frequency opamp.

DEVICE . TYPE SIZES

M1 pMOS w=§64 pm, [ =1.5 um
M2 - pMOS w=432 um, { = 1.5 um
M3 nMOS w=168 pm, I =1.2 um
M4 nMOS w =552 um, [ =3.0 zm
M5 pMOS w =864 um, [ = 3.0 um
M6 pMOS ' w=312 pm, { =22 pm
M7 nMOS w=42 pm, [ =1.2 pm
M8 nMOS w=312pm, =12 pm
Cc Cap C=3pF

6.2.24 Noise, Power Consumption and Optimization. The noise figure (NF) of
the HF mixer is a very important parameter in receiver design. In a receiver the mixer
is positioned directly after the LNA and a mixer with a high NF can only be used in
combination with a high quality LNA. In this case the LNA must have a high gain
which, in turn, can only be allowed when the antenna signal is first filtered with a high
Q HF filter. The problem with mixers is that their NF can not be made arbitrarily
small. Their NF can not even be in the proximity of the NF’s that can be achieved
with LNA’s. This is due to the intrinsic nature of the mixing process.

The two main noise sources in the presented mixer are the modulated input transis-
tors in the triode region and the input stage of the LLF opamp. The thermal output noise
density generated by these devices is (with the factor 2 introduced by the differential
operation) :

dvl, =2 4kT - (% 2 1 “(Ry -2gps)* +2gps - R%) -df (6.9)
m,in,eq

Equation 6.9 gives the output noise density for the mixer biased in its static opera-
tion point. The modulated transistors have however, under transient conditions, always
the same impedance (2gps) to the virtual ground nodes. For this reason equation 6.9
is, for the presented topology, also a good measure for the output noise density under
transient operation conditions. The equivalent input noise can be found by dividing
this expression by the conversion gain G. The conversion gain is defined as the ratio
of the output signal over the input signal (V,}, — V.../ V,'{ r — Vgr)and follows from
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equation 6.2 :
G = (Va+ur ‘ Va:r)ptp
‘(VEF - VR—F)PrP
1 1 _ .
5 A BRy - Vig = Vigh (6.10)

The first +/2 appears because the multiplication is performed with a sine and not a
square wave. This implies that the RMS value of the LO signal has to be used. The
second /2 is necessary because only the low frequency mixing product is regarded as
wanted. Dividing equation 6.9 by equation 6.9 results in :

1 : 2 2

2 2

dvin = a'dU(;ur:(R__ (V+ -V ) )
. f ’6 LO LO/ptp

4 g 1 1
= SkT-( +gDS_ )(g + )-df
8- (VLO - VLG)prp 3 Bmiineg  28Ds

2 z 1
8kT-(2-—gD—5) -(2- . )-df (6.11)
Agps 3 Bm.ineq 2gps

2
) dvrmr

The factor 4gps/Agps is the extra term intrinsic to any mixer or double balanced
structure (sce section 4.2.2.2). Itis equal to the ratio between the gain of the mixer used
as single balanced amplifier and the conversion gain A/G. For low noise, this term
should be as low as possible. The noise can also be lowered by using a larger 8m.ineq
and gps, but this is at the expense of a higher power consumption. The minimal value
for this extra term is found when the swing of the LO signal is maximal.

A . 28ps _ 4B (Vgs — Vp)
G Agps  B- (Vfo = Vol
4. YrEDC ~Vio.pc = Vr

= 2 (6.12)
Vio = Viohw
A V, -V — V-
(_) _  Verpc—Vio,pe — Vr 613)
G/ min, RF @ gares ' 2-Vio.pc
A V -V -V
(_) _ &roc = Viope —Vr 6.14)
G J min LO@gates 2 (Vrr,oc — Veo.pc — V)

So, according to equation 6.14 for the case in which the LO signal is applied to
the gates of the modulated transistors, this means that the mixing function adds at
least 6 dB to the NF. For the rest the NF is directly determined by the conductivity of
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- a single modulated transistor (gpg) and by the transconductance value of the opamp
input stage (gm,in,eq)» just like in any other amplifier with negative feedback. The
noise of the opamp input stage can be made sufficiently small without requiring too
much power by using large input transistors (and a small Vs — V7). This is possible
because the opamp only has to be LF and there is already standing 25 pF (C,) at
the input nodes. The only limitation is that the internal slew-rate of the output may
become too low when its input transistors are too large for a given transconductance.
The value of gps can not be made arbitrarily large because this conductor has to be
driven by the LO, resulting for a high gps of the mixing transistors in a high power
consumption for the LO signal generator.

From equation 6.13 it might seem that the NF can be made arbitrarily small when
the RF signal is applied to the gates by taking Vrr,pc — Vr < 2- VLo, pe. This implies
however a reduction of the input swing and in this way the dynamic range {DR) at the
input is not improved. It is not only necessary to minimize the NF of a mixer. It is its
input signal capability (i.c. the DR) which must be optimized and compared with the
power consumption. A good measure for the performance of a mixer is its efficiency
as defined in section 4.2.2.2. Here this gives :

DR

NRF@gares = 7 kT - BW
= CAR kT - BW
AN/ P
(Ver,pc — Vio,pc — Vr)? [
- AN 1 Uiy —Vigrgos Y
SkT-(—) —.pw k0 THO
G gDs
1
= o ~1.5% (6.15)

The power efficiency of a high quality low frequency amplifier is about 10 %. The
power efficiency of the presented mixer topology is 1.5 %. This value takes the power
efficiency of the LO signal source not into account. 1.5 % is a very high value for
high frequency mixers, which have intrinsically a low efficiency (for comparison : a
typical Gilbert mixer with a 12 dB NF, a +6 dBm IP3 and a power consumption of
3 mW, has an efficiency of 0.2 % [Gilb JSSC68]). Only a commutating mixer with a
downconversion topology can give a better efficiency. Theoretically its efficiency can
be up to 1.4 times better than the efficiency of a true sinusoidal mixer as presented
here.
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a single modulated transistor (g ps) and by the transconductance value of the opamp
input stage (g, in,eq), JUst like in any other amplifier with negative feedback. The
noise of the opamp input stage can be made sufficiently small without requiring too
much power by using large input transistors (and a small Vgs — Vr). This is possible
because the opamp only has to be LF and there is already standing 25 pF (C,) at
the input nodes. The only limitation is that the internal slew-rate of the output may
become too [ow when its input transistors are too large for a given transconductance,
The value of gps can not be made arbitrarily large because this conductor has to be
driven by the LO, resulting for a high gps of the mixing transistors in a high power
consumpticn for the LO signal generator.

From equation 6.13 it might seem that the NF can be made arbitrarily small when
the RF signal is applied to the gates by taking Vgr, pc — Vr < 2- Vio, pe. This implies
however a reduction of the input swing and in this way the dynamic range (DR) at the
inputis not improved. It is not only necessary to minimize the NF of a mixer. It is its
input signal capability (i.e. the DR) which must be optimized and compared with the
power consumption. A good measure for the performance of a mixer is its efficiency
as defined in section 4.2.2.2. Here this gives :

DR
NRF@gates = T -kT -BW

SN\ 1
= —_— '—‘kT'BW
(N) P
-V — 2
_ (Veroc —Vio.nc —Vr) 1 LT .BW

8kT - (A)2 : | (Vo — Vo) gps

.—— . BW
2gps

G

1
T 1.5 % (6.15)

The power efficiency of a high quality low frequency amplifier is about 10 %. The
power efficiency of the presented mixer topology is 1.5 %. This value takes the power
efficiency of the LO signal source not into account. 1.5 % is a very high value for
high frequency mixers, which have intrinsically a low efficiency (for comparison : a
typical Gilbert mixer with a 12 dB NF, a +6 dBm 1P3 and a power consumption of
3 mW, has an efficiency of 0.2 % [Gilb JSSC68]). Only a commutating mixer with a
downconversion topology can give a better efficiency. Theoretically its efficiency can
be up to 1.4 times better than the efficiency of a true sinusocidal mixer as presented
here.
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Equation 6.15 is slightly different when the 1O signal is applied to the gates of the
modulated transistors instead of the RF signal :

sy 1
TJ'LO@gures == FV_ . F kT -BW
V2 1
(AN 1 Vio.nc &ps
G 2gps :

And only when A/G is minimal this reduces to :

’ 1
NLO®@gartes,max = a 21.5% (617

The main difference is that in this case the efficiency of 1.5 % is only obtained with the
maximal 1.O signal. This is the case for most mixer topologies. Commutating mixers
have an LO signal whose fundamental component is larger than the maximum appli-
cable LO signal swing, explaining their 1.4 times higher efficiency. The efficiency of
1.5 % is in the situation of equation 6.15 always obtained, independent of the ampli-
tude of the LO signal. This is caused by the fact that, when the LO signal is applied
to the sources of the modulated transistors, a lower conversion gain is compensated
by a lower power consumption for the LO signal source. This is another reason why
the topology with the RF signal applied to the gates is preferred over the topology in
which the LO signal is applied to the gates of the modulated transistors,

6.2.2.5 Realization and Measurement Results. The mixer has been designed and
realized in a 1.2 um CMOS process [Crols ESSC94]. Main design goals where to il-
lustrate the high linearity and high input frequency capabilities of the proposed topoi-
ogy. The RF and LO signal are externally made differential by means of baluns. They
are, as stated in section 6.2.2.1, chosen to be biased at respectively 3.85 V (for the RF
signal, applied at the gates) and 1.15 V (for the 1.0 signal, applied at the sources and
drains). The measurement setup with the baluns is shown in fig. 6.6. Fig. 6.7 shows
the measured input bandwidth. It is from DC to 1.5 GHz. The input bandwidth is mea-
sured at 6 dB attenuation, because both input signals are falling off at the same time.
The measured 1.5 GHz maximum input bandwidth is equal to the specified bandwidth
of the baluns which have been used to generate the differential jnput signals. The out-
put bandwidth is determined by the untuned value of 1/R;Cy. For the application in
mind (zero-IF and low-IF receivers) it must be at least 500 kHz and it is designed to
be 1 MHz so that it can cope with the large absolute processing value spreads. The
measured output bandwidth is 780 kHz. The measured conversion gain is 18 dB for a
12 dBm differential LO signal.
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Figure 6.6. Measurement setup for the highly linear downconversion mixer.
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Figure 6.7. The measured input bandwidth.
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Figure 6.8. The IP3 measurement.

The IP3 measurement, shown in fig. 6.8, proves that the linearity is very high. The
IP3 is 45.2 dBm. This value does not depend on the magnitude of the LO signal. An
input signal of 22 dBm, the theoretical value for the maximal applicable input swing,
gives an IM3 of 46.4 dB. The IM3 measurement was performed with the downcon-
verted carriers lying outside of the output band (at 10 MHz) and the IM3 product lying
in the passband (at 200 kHz). This made it possible to measure the distortion of the
input stage and not the output stage for signals which would normally produce an out-
put signal of up to 40 dBm. The measured noise figure (NF) is 32 dB. This is mainly
caused by the input stage of the opamp which has not been optimized for low noise.
By using large input transistors for the low frequency opamp, which has no effect on
the high frequency performance of the mixer, the noise figure can easily be improved
down to 24 dB. The mixer is designed in a 1.2 gm CMOS process. The measured
power consumption is 1.3 mW which is all taken up in the low frequency opamp. The
total chip area is 1 mm?®. The modulated transistors only take up 300 yzm? of this area.
A microphotograph of the realized chip is shown in fig. 6.9.

6.2.3 Upconversion Mixers in CMOS

From a high level point of view it may seem that the same function has to be realized
for upconversion and downconversion. After all, both require the implementation of
a four-quadrant multiplier. From a practical design point of view this is of course
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Figure 6.9. Microphotograph of the highly linear CMOS downconversion mixer.

not true. In the previous sections it was for instance illustrated how the differences
between up- and downconversion can be exploited in order to achieve the highest
possible performance for a downconversion mixer.

The main difference between a downconversion mixer and an upconversion mixer
is that the upconversion mixer requires a high frequency output. The multiplication
itself is often performed by modulating the transconductance properties of a cross-
coupled structure of transistor devices. Cross-coupling is required to make the mul-
tiplier a four-quadrants multiplier. In the Gilbert multiplier the (non-linear) transcon-
ductance of four cross-coupled bipolar transistors is modulated by varying its bias
currents [Gilb ISSC68, Gilb ISSCC83]. Fig. 6.10a shows the principles of this config-
uration. Fig. 6.10b shows that the same principle can be applied to the four transistor
MOS structure of [Song ISSCB86]. The transconductance is here modulated by varying
the drain-source voltages Vpg of these transistors. In fig. 6.10b the MOS devices are
operating in the linear region which gives a linear dependence of the transconductance
on its modulating voltage. In this way improved linearity results can be obtained when
using a CMOS technology instead of a silicon bipolar technology [Song ISSC86, Crols
JSSC95a].

The drawback of the use of a CMOS technology is its lower frequency performance.
This is not so much a problem of the modulation process itself [King CICC96, Crols
JSSC95a]. In present day sub-micron technologies nMOS devices can achieve an fi,;
(the maximal bandwidth of a transistor, defined as g, /27 (C,, + Cy,) [Stey ACD93])
of well over 2 GHz, The mixing frequencies that can be achieved are mainly deter-
mined by this value and modulation of sub-micron nMOS devices at a frequency of
1 GHz is thus possible.
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Figure 6.10. Basic schematic of the mixing process performed in a) a bipolar Gilbert
multiplier and b) in a CMOS multiplier biased in the linear region.

The problem for the realization of a CMOS upconversion mixer at 1 GHz is the out-
put current generated during the modulation process. This current has to be buffered
and amplified. For a downconversion mixer this is no problem because there the output
current is a low frequency signal and this property can be used to realize a high quality
CMOS downconverter (see section 6.2.2). The realization of an upconversion mixer
for a transmitter requires however the realization of a transimpedance amplifier (i.e.
a current to voltage converter) which often not only has to be capable of achieving a
1 GHz bandwidth with a good linearity, but also has to drive a high enough signal into
an off-chip 50 €2 load. Gain implies the use of devices with an f,,, that is at Jeast as
large as the product of the required bandwidth and the required gain. A high linearity
can only be achieved with some kind of feed-back mechanism [Wamba KUL96] and
this implies the realization of an open-loop gain for the transimpedance amplifier that
is even higher than the required closed-loop gain. The consequence is that transistor
devices with an f,,, of up to 10 GHz and even more are required. These required
CMOS device performances are only achieved in deep sub-micron processes. In these
technologies the realization of high performance CMOS upconverters becomes possi-
ble [King CICC96, King KUL96, Rofou CICC96, Crols ESSCC96].

6.3 SPIRAL INDUCTORS

6.3.1 CMOS Output Buffers

The realization of CMOS buffers which can drive a 50 @ load with a good linearity
at 1 GHz is one of the main problems for the realization of a full CMOS transceiver
at 1 GHz. Spiral inductors can be used to significantly improve the design of this
building block. Fig. 6.11 shows the most basic amplifier stage (a amplifier,resistor
loaded common source amplifier) and its amplifier,inductor loaded equivalent. A first-
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order calculation of the f,,,, requirements for the two transistors demonstrates how

the design can be improved by means of inductors. Both amplifiers have to realize a

given gain A {= g, - Ry ) at respectively a given corner or center frequency f (which
- would be around 1 GHz). For the resistor loaded amplifier is :

1

_ (6.18)
2R (Cr + Cys + Cpa)

fe

For high frequency design, transistors with minimal gate length L will be used. Tran-
_sistors with a constant L have a constant ratio between their parasitic capacitances
which only depends on the technology. For the 0.7 em CMOS process of appendix A,
o of equation 6.19 is for instance approximately equal to 2.2 for an nMOS transistor
operating in saturation.

1
fo= (6.19)
omR,Cy 4 2m - A G G

This gives the frequency requirements for the nMOS transistor of the resistor loaded
amplifier.

1
l - ZJTRLCL

(4

Jrmax,r = (6.20)

=] R

The same calculation can be made for the inductor loaded amplifier, but in that case
equation 6.18 is the expression for the bandwidth BW (= f./ Q). The parasitic capac-
itance of the spiral inductor Cp must be added to the value of C,..

o 1
Jnax,L = Z ' Q {6.21)
A — 27 Ry - (Cp + Cp)

A comparison between equation 6.20 and equation 6.21 shows that it is beneficiary to
use inductors with a low parasitic capacitance when they are available. In fact, the use
of an inductor loaded amplifier instead of a resistor loaded amplifier is only beneficiary
under the following condition :

Je 1
<
Q— 1 ZJTRLCP

(6.22)

Apart from the fact that high quality inductors must be available, there are two other
conditions that must be fulfilled. First of all, bandpass operation must be allowed.
This is however the case in the high frequency part of wireless fransceivers. Secondly,
it must be possible to control the center frequency of the amplifier very accurately.
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(a) (b)

Figure 6.11. Gomparison between a)} a resistor loaded amplifier and b} an inductor
loaded amplifier (parasitics are in dotted lines).

If not, only a low Q can be used in order to assure that the operation frequency will
always be situated within the amplifier’s passband. In practice, this will mean that
with on-chip inductors only a Q between | and 3 is allowed.

Another conclusion that can be drawn from equation 6.22 is that inductors can only
be used when Ry is low (e.g. 50 §2). This means that using inductor loading on internal
nodes within a chip is not beneficiary, because on these nodes larger impedance values
(150 to 300 ) are normally used. These larger values do not only lower the value of
the 1/(2m Ry Cp) term via the higher value of R;. A higher impedance Ry will also
demand that the parasitic parallel resistance of the inductor Rp is larger and this can
only be achieved by using thicker conductors for the inductor. This means a larger
inducter geometry and consequently also a higher value for Cp.

6.3.2 On-Chip Inductors

The design of RF building blocks can be drastically improved when also inductors are
used [Cran VLSI96, Burgh IEDM95]. With passive inductors, bandpass operations
can be made with a significantly lower power consumption. This is not the case for
active bandpass operations which use simulated inductors. In section 4.2.2.2 it was
already illustrated that the power consumption of a passive building block is propor-
tional to its bandwidth BW. A lowpass building block that has to process a bandpass
signal at 900 MHz will require a bandwidth of at least 900 MHz, while a bandpass
building block will only need a bandwidth of e.g. 100 MHz to process this signal.
Other advantages of the use of inductors are the higher operating frequencies that can
be achieved (see the previous section) and the lower power supply voltages that can be
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Figure 6.12. Lower power supplies can be used when designing with inductors.

used. Fig. 6.12 illustrates why lower power supply voltages can be used when design-
ing with inductors. On-chip signals will however still be as high as without inductors.

The use of off-chip inductors has only limited advantages. Parasitic capacitances
of off-chip components and interconnections are much higher than on-chip. This re-
duces the advantage of being able to work at higher frequencies. Lower impedances
are needed in order to achieve the same bandwidth, resulting in a higher power con-
sumption. :

The alternative is the use of on-chip spiral planar inductors. Two main problems
arise when using planar inductors on silicon substrates. First of all, there are the large
resistive and capacitive parasitics originating from losses in the aluminum conduc-
tors, losses in the conducting substrate and capacitive coupling to this substrate. In
GaAs, where gold is used for conductors and where the substrate is non-conductive,
these parasitics are far less important and planar inductors are widely used [Haigh
1989, Kim IEDM95]. In silicon, the substrate loss and coupling can be eliminated by
etching away, with an extra processing step, the substrate under the inductor, either via
front [Chang IED1.93, Rofou ISSCC96] or back etching [Based ESSC94]. Fig. 6.13
shows an example of such etched induciors. Etching requires however an extra pro-
cessing step, which is costly, reduces yield and reliability and which is not available
in any standard silicon process.

A second problem, which occurs for silicon and GaAs, is how to design circuits
with planar inductors. Only two methods are available : either one uses planar induc-
tors with a geometry which has already been implemented and measured on a previous
run of the process [Nguy JISSC90], or one uses time consuming electro-magnetic sim-
ulations to determine the characteristics of a chosen geometry [Chang IEDL93]. In
both cases, the performance of a circuit is determined by the fixed inductor geometry,
without leaving any room to gain an insight in the trade-offs between specifications.
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(b)

Figure 6.13. Example of a planar inductor on a silicon substrate under which the
substrate is etched away with an extra processing step.

A structured analog design methodology requires the opposite approach where the
optimal inductor geomeltry is determined by the required circuit specifications.

In this text a model for planar inductors and their parasitics on a lowly doped silicon
substrate is introduced. The behavior of inductors on lowly and heavily doped sub-
strates is compared and it is shown that the electro-magnetic losses due to the substrate
are negligible for processes which use lowly doped substrates. Many processes and
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Figure 6.14. Layout of a) a square and b} a near circular spiral inductor.

even newly de\fe]oped deep sub-micron standard CMOS processes use lowly doped
substrates, creating in this way great opportunities to use planar inductors in standard
silicon processes without requiring any special techniques like substrate etching.

6.3.3 Model for Planar Inductors

Fig. 6.14 shows two types of layout for planar spiral inductors. Fig. 6.15 gives a
lumped model for these planar inductors and table 6.2 gives the analytical expressions
of the proposed model for the inductance and the parasitics of such planar induc-
tors [Crols VLSI96]. Table 6.3 gives an overview and description of the parameters
used in this model. :

The inductance L does not depend on the technology, only on the geometry of the
inductor. The proposed expression models the inductance with an accuracy better than
10 % for a wide range of different geometries. A less accurate analytical expression
for the inductance can be found in [Voorm 1993]. The model presented in this text
takes into account such parameters as the spacing between the metal lines (via 74,
and 1) and the extend of the open area in the middle of the inductor (via n4). An
accuracy much better than 10 % can not be obtained as the proposed model is a con-
tinuous representation of a device with a discreie parameter (the number of turns).
This 1s however only true for inductors with a low number of turns (3 to 4 turns). In-
ductors with more turns could be modeled more accurately, but the use of one model
for both square and near circular spiral inductors also limits the achigvable accuracy.
The proposed expression for the inductance holds only for inductors in free air or on
lowly doped substrates. Highly doped substrates have a high conductivity, allowing
the generation of eddy-currents in the substrate. This results in a reduction of the mag-
netic field and thus of the effective inductance value [Cran VLSI96]. On lowly doped
substrates, the inductance reduction is below 1 %.
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Table 6.2. Overview of the equations for the proposed analytical model for planar
spiral inductors, '

MODEL EQUATIONS

. Ari/? 5/3 e

L = KL w2 '?]'A, "N

. 1/4, for square inductors
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1/7, for circular inductors

Ar 1 1
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K 2
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‘Table 6.3. Overview of the parameters for the proposed analytical model for planar

spiral inductors.

PARAMETER  DESCRIPTION

Ar Area of the inductor

FORMULA
Ar = 5% for square inductors
Ar =m -7 for circular inductors

Area efficiency : the area
Nar occupied by metal com-
pared to the total area

3 Armem.’
A =
" Ar

Line efficiency : the line
width compared to the line
pitch (sp is the spacing be-
tween two lines)

N

w
W sp

Nuw =

K Inductor constant

K; =13-10"7 H/m

Kg. . Resistor constant

Krp=3.6-10° /m -Hz/Q

The resistivity of the metal

Pmetat
layer

The thickness of the metal

Lietal layer

The thickness of the sil-
icon oxide layer between
the metal layer and the
substrate

tUJC

The thickness of the sub-

teuh
strate

The dielectric constant of

EI’II g .
silicon oxide

Eox = 3.4- 107" F/m

The operating frequency
given in [rad/s]

The sheet resistance of the

R Y .
Db substrate in [$2/0]]
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Figure 6.15.  The proposed lumped model for spiral inductors.

The series resistance Ry is, for low frequencies, equal to the number of squares
times the sheet resistance of the metal conductor [Voorm 1993]. This DC model is
extended to incorporate the skin effect which increases the series resistance at high
frequencies. The skin effect represents the effect of the magnetic field on the current
distribution within a conductor. Normally this magnetic flied is generated by the con-
ductor itself. In a spiral inductor it is the influence of the magnetic field generated
by all the conducting turns that has to be taken into account. Here the skin effect is
modeled for frequencies up to 3 GHz by means of an equivalent reduced line width &
which depends on frequency and geometry. It models the skin effect with an accuracy
of less than 40 %, which is, for resistors, sufficient. The inductance increases also due
to the skin effect, but at 3 GHz the increase is still less than 2 %. ‘

The parasitic capacitance Cp is proportional to the occupied metal area. For lowly
doped substrates it is important to take into account the resistance in series with this
capacitance, Rc, caused by the low conductivity of the substrate. Its actual value
depends on the geometry and on the position of grounded substrate contacts. For
lowly doped substrates it is approximately 100 2 (for highly doped substrates it is
smaller than 1 §2). This large value will, at high operating frequencies, reduce the
influence of the parasitic capacitor Cp on the design.

6.3.4 \Verification of the Model

The presented model for the inductance has been derived by means of both physical
interpretation and fittings to the results of the semi-3D electro-magnetic simulation
of more than 500 different coils. More information on the used semi-3D electro-
magnetic simulator can be found in [Freem 1993]. The calculation technique of [Green
TPHP74] has been used as extra verification method. Fig. 6.16 shows, as an example,
the ratio between the simulated inductance and the inductance predicted by the model
versus the inductance value for the simulated planar inductors with both square and
circular geometries,
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Figure 6.16. Comparison of the inductance model with the results of electro-magnetic
simulations (dotted lines indicate 10 % error).

As final verification the model has been compared with the measurement Tesults
of several fabricated planar inductors. Table 6.4 gives the comparison between the
measured inductance value and the model for three fabricated square inductors. It
also gives comparisons between the model and measurement values given in litera-
ture [Based ESSC94, Nguy JS5C90, Soyeu EL95]. The calculated values agree well
with the measurements, the remaining differences may appear due to differences in
layout style, lead inductances and calibration errors (e.g. : in [Nguy JSSC90] the pre-
dicted value is given to be 1.3 nH).

The model for series resistance is derived from a DC-model [Voorm 1993] which
is extended with the frequency dependent skin effect. The skin effect can, at high fre-
quencies (i.e. 3 GHz), increase the effective resistance to 5 times the DC value. Good
modeling of this effect is thus important, but difficult due to its complex dependence
on the inductor geometry. A trade-off must therefore be made between a highly accu-
rate and complex or an ecasy usable model. The skin effect is modeled as an effective
line width reduction § inversely proportional to the operating frequency. § has again
been fitted to the results of the semi-3D electro-magnetic simulation. An accuracy of
40 % for the complete range (up to 3 GHz) is achieved. But, for the most commonly
used inductors and for frequencies below 2 GHz the accuracy is better than 20 %. This
accuracy is sufficient because the process variation of the sheet resistance is also about
20 %.
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Table 6.4. Comparison of the model with measurements and measurement data from
literature,

Ar w NAr N Lm-adel Lmrm.\'
cail 1 52900 pum?  64pm 053 053 11.3nH  108nH
coil 2 52900 pm?>  64pum 038 073 7.01nH 75nH
coil 3 52900 pm® 100 pum 055 081 537nH  54pH

[Based ESSC94] 490000 um? 900um 085 086 403nH 3.7nH
[Nguy JISSC90] 13200 pom? 65um 053 054 138nH 19nH
[Soyeu EL95] 52900 pm? 170pm 064 065 235nH  22nH

6.3.5 Structured Analog Design with Spiral Inductors

The biggest advantage of the presented maodel is that it gives an analytical expres-
sion for the relationship between layout parameters (Ar, w, n4r, w) and electrical
parameters (L, R, C). With the proposed model these relationships can be two-way
evaluated, Not only do they give a fast result for the electrical properties when the
layout is known, they can also be used to directly calculate the layout parameters
when the required electrical properties are known. This allows the designer to get a
good insight in the design trade-offs and to do his design in a structured way. The
proposed model allows for the use of structured analog design techniques to obtain
optimal device parameters, but il also allows for the optimization of technologies and
the geometry of the planar inductor. In this section examples will be given for these
optimizations with the proposed model for planar inductors on the different levels of
the design process.

6.3.5.1 Technology optimization. Apart from the obvious statement that the sheet
resistance of the conductor used for a planar spiral inductor should be low and that the
oxide thickness under the inductor should be high, less obvious technology aspects
can be analyzed with the proposed model. One example is whether or not it is better
to use only metal levels 2 and 3 (thick oxide, low capacitance) or metal levels 1,2
and 3 (higher capacitance, lower resistance) in a three metal layer process. Fig. 6.17
shows this example. Starting with the assumption that for a certain design an inductor
is needed with a given inductance L and a given loss Ry, it is examined which of the
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Substrate

Figure 6.17. Two possible layer configurations for a spiral inductor : three or two
parallel metal layers.

two possible situations will render the lowest parasitic capacitance Cp.

Li=L,=1L (6.23)

Rs1 = Rs2 =Ry (6.24)

With the proposed model of section 6.3.3 this can be expanded to (assuming an almost
equal area and line efficiency, 4z and #,, for both situations and no skin effect) :

12 3/2
Ar] Ary

= (6.25)
2 2
'[.UI w2
1 Ar 1 Ar
L= = (6.26)
Imetal,1 wy Imetal,2 wy
Substitution results in ;
1/2 2
Arz/ _ tmeral = CP.Z _ Tox,1 . (tmeml,l) (6.27)
Arll/z betal,2 CP.l tax.2 Emetal,2

A general interpretation of this result is that, for the case when the skin effect is small,
it is better to make the metal thicker, rather than the oxide. A thicker metal results in a
quadratic reduction of the inductor area and therefore also in a quadratic reduction of
the parasitic capacitance, while it only scales linearly with the oxide thickness. For the
example of fig. 6.17 this means that the first situation, with thicker metal and thinner
oxide, gives a 12 % lower parasitic capacitance, although the oxide reduction is much
larger (a factor 2) than the increase of the metal thickness (a factor 1.5).
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6.3.5.2 Geometry optimization. For inductors there are basically only two elec-
trical parameters which can be chosen (e.g. L and Ry) freely. There are however more
layout parameters (circular or square, Ar, w, 14, and 7,). Geometry optimization
reduces this high degree of freedom to two design parameters (Ar and w) by deter-
mining the most optimal values for the other parameters. This is done by stating that
for a given inductance and a given area, the series resistance should be as low as pos-
sible (this is equal to.making the quality factor O at a given frequency as high as
possible).

As an example the optimum value for 74, and 7, is calculated for a square spiral
inducior with a given inductance L and area Ar. First it is assumed that there is no
skin effect. The model of section 6.3.3 gives the equation for the serics resistance Rs.

3/4
_ g2 Ar s/6, 178
w= K" S ny (6.28)
1 Prietal L 1

Rs (6.29)

TEL tea AP 2P
From this equation it can be concluded that without skin effect the series resistance
Rs is minimal when 74, and 7, are as high as possible, i.e. as close to 1 as possible.
In practice this means that the spacing between lines should be minimum size and that
the area of the inductor should be fully used. There should be no hole in the middle,

Equation 6.29 does not hold anymore when the skin effect becomes more signifi-
cant at higher frequencies. The formula for the series resistance is then :

2 1/5
Ry = 1 Pmerar le ) 2/%1 ot U‘:o Imeral pup g0 WIL;S
Kt  tweral Arl/ N+ K, K% Pmetal b
(6.30)

This equation can be optimized for both 54, and 7,. It can be seen that 77, should
still be as close to 1 as possible. This means that the spacing between the metal lines
of a spiral inductor should always be minimal. The optimum value for the hole in the
middle of the inductor will depend on the operating frequency «wp.

6/5
NAropt = 4. i ' K}a : piem! ) Ll/2 ) L (631)
"’ W5 K[* tpaw AP gl

With 7, almost equal to 1 this means that the spiral inductor should not be filled up to
its middle with metal anymore from the following operating frequency on :

KR Prmetal L1/4

. . . 6.32
K}/4 Lnetal Apdig ¢ )

wy > 2
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For instance, for a sheet resistance of 10 m$2/0, an inductance of 5 nH and an area of
1 mm?, this trade-off point reached at 5.7 GHz operating frequency.
Another interesting point to analyze is whether the square or the near circular spiral
‘inductor layout, as shown both in fig. 6.14, is the most optimal. The same consider-
ations have to be made again : for a given inductance L and a given area Ar, which
inductor has the lowest series resistance Rg. From the model equations of section 6.3.3
it can be seen that both are almost equal. Their model only differs in the power of #,,
in the expression for the inductance, making the near circular inductor slightly better.
However, in the previous paragraph it was already shown that n,, will always have to
be very close to 1 and this makes the difference between the two layouts really negli-
gibly small. Nonetheless, in some designs it may be better to compare two inductors
with the same inductance L and the same effective occupied area Ar,rr. The effec-
tive occupied area Ar, sy may be larger than the inductor area Ar for a near circular
inductor when its empty tips are not used for the layout of any other structure. The
difference between the two is :

Ar = m.r?
Aref:f = 4'?’2

In this case the square inductor is the preferred one. Its series resistance Ryg is 12 %
lower than the series resistance of the near circular inductor. :

6.3.5.3 Design optimization. During the design and optimization process of an
analog integrated circuit a hand-calculation model is very useful. It allows for the
development of a forward calculation path which gives an immediate translation of
the circuit specifications (such as operating frequency, bandwidth, gain) to the lay-
out parameters (w, [, Ar) of each component. This is a big contrast with the time
consuming iterative process of choosing possible layout parameters, running lengthy
simulations, analyzing the circuit performance and then choosing new, maybe better
layout parameters. ,

As an example the simplified design of an on-chip buffer which has to drive an
off-chip 50 €2 load, is discussed. Fig. 6.18a shows the topology of the output buffer.
Fig. 6.18b shows also the parasitic components of the inductor. Half the parasitic
capacitor Cp will be short circuited to the power supply. Its resistance R is, for this
example, assumed to be low, Further on, a parallel resistance Rp is used instead of the
series resistance Ry. Ata given operating frequency Rp will result in the same loss as
Rys when :

2
Rp = L) (6.33)
Rs
The buffer will have to realize a specified gain A in a specified bandwidth BW around
a specified operating frequency ay. The required transconductance g, of the transistor
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can already be calculated when it is assumed that the loss in the inductor will be low
compared to the load Ry, (i.e. Ry < Rp).

A
m = . 6 4
& = 1 (6.34)
The bandwidth BW will determine the required inductance L.
Ry, Ry,
BW=— = — : 6.
w 3 = L W (6.35)

The required capacitance on the output node is determined by the operating frequency
wy.
1 1

= C=— 6.36

apy —

;

This value must be met exactly. It consists of three parts : the load capacitor Cr,
which is already fixed, the parasitic capacitances of the transistor on the output node,
Cp, and the parasitic capacitance of the inductor, Cp/2 (C=CL+Cu+Cp/2). The
higher Cp can be, the lower the loss in the inductor will be (assuming no skin effect
and a good area and line efficiency)} :

Pmetal Epx

Imetat tox 172 1/2 :
RP =a)0'KL- . —) 'C.P (637)

The inductor area (and thus its parasitic capacitance Cp) can not be made arbitrarily
high. C; + Cp/2 must be lower than C and Cy can only be made low at the cost of
a high power consumption. The transistor’s gn is already fixed and a small transistor
width w can then only be achieved by using a high Vs — Vr. A trade-off has thus to
be made here by the designer. The advantage of the model proposed in section 6.3.3
is that it has now on one side a relationship between the chosen inductor area and the
signal loss (via equation 6.37) and between the chosen inductor area and the power
consumption of the output buffer on the other side. Once the area is chosen the layout
parameters of the inductor are fully specified. After this last design step the induc-
tance value and the parasitics of the inductor should always be recalculated with a 3D
electro-magnetic finite element simulator in order to obtain a last refinement which
will give a more accurate analysis of the specifications which may be expected of the
designed circuit. :

6.4 CMOS LNA'S

The most critical points for the realization of a highly integrated transceiver in CMOS
are the RF input (input of the LNA) and the RF output (ouiput of the upconversion
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Figure 6.18. The circuit schematic of a) a simplified 50 & output buffer with an inductive
load and b) the same buffer with its parasitics.

mixers). The main reason for this is that they are external nodes. Internal nodes
may have higher impedances which are easier to realize. The realization of output

buffers in CMOS was already discussed in section 6.3.1. From this discussion it can

be concluded that high frequency silicon bipolar is a more suited technology for the
realization of output buffers. It is therefore one of the most difficult building blocks to
be realized in CMOS at RF frequencies.

It is often believed that the MOS transistor is also not a good device for the re-
alization of a low noise amplifier (LNA). The reason for this belief is its obviously
lower g, /lyy ratio when compared to a bipolar transistor. A bipolar transistor has a
g/ 1 value of approximately 40 V!, while for an nMOS transistor it varies with the
Vs — Vr and it is maximally about 7 V! and this at the cost of having to use a low
Vs — Vr which reduces the high frequency capabilities of the MOS transistor. A low
noise figure (NF) requires the use of a high g,, and this would lead to the conclusion
that a CMOS technology is not well suited for the realization of LNA’s at a reasonable
power cost. It may however be overhasty to jump to this conclusion.

As MOS transistor gate lengths are sized down to sub-micron and deep sub-micron
technologies, the problem of a too low frequency performance at low Vgg — Vi val-
ues does not hold anymore. An f.., of 2 GHz is, especially in deep sub-micron
technologies, even at a Vg — V¢ of 200 mV available. The realization of an nMOS
transistor with a g,, of 1/50 27! (equal to an NF of 2.2 dB [Laker 1994]) would re-
quire a current of about 3 mA (assuming a g,,/1 of 7 V™! for a 200 mV Vg5 — V).
This is a value that can be compared to the current consumption of the inpul stage of
reported silicon bipolar LNA realizations [Meyer ISSC74, Rab ACD93]. A similar
calculation can however also be made for a bipolar transistor and this gives as result
that a current of 375 LA would be required for the realization of a bipolar transistor
with a g,, of 1/66 Q7' (equal to an NF of 2.2 dB [Laker 1994]). From this it could
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be concluded that a significantly lower power consumption should be expected from
bipolar LNA realizations. This is not the case. It is the exponential voltage-to-current
law of the bipolar transistor that degrades its capabilities for LNA realizations. LNA's
have severe linearity specifications. Its first stage must for instance be able to cope
with an input signal of -10 dBm and the gain of the first stage must be high enough
(preferably at least 6 dB) in order to reduce the influence of the succeeding stages on
the NF. The 1 dB compression point of a bipolar transistor lies however at -18.76 dB
(independent of the bias current) [Gilb ACD96], which means that some form of feed-
back over the first stage must be used to linearize it. This feedback can be realized as
emitter degeneration or an overall feedback over the LNA. Both will add noise to the
input stage and increase its power requirements. A MOS transistor does not have these
problems. It is a much more linear device. Moreover, its distortion cemponents are
mainly second order, while the unwanted distortion components in an LNA are mainly
of odd order (3™, 5th ...). The first stage of a CMOS LLNA can therefore be realized
as a loaded nMOS without any form of feedback. When the frequency performance
of the used technology allows it, this can be done at a very low power consumption.
Only an extra inductor, either realized on-chip or as bond wire, for the adaption of
the input impedance to 50 & has to be added to obtain the full first stage of a CMOS
LNA [Sheng ISSCC96, Shaef VI.SI96].

There is a second Teason why the CMOS transistor is better suited for the realization
of LNA’s. The equivalent input noise of a bipolar transistor is only in theory and at
DC equal to :

2
dvr’n,eq

1
= 4kT - To df (6.38)

Em

In practice the noise of the bipolar transistor will be much higher. First of all there
is the base resistance 7;,. It has a similar effect as the resistance of the polysilicon
gate r, of a MOS transistor. Difference is that in a MOS transistor r, is a longitudinal
resistor which can be made sufficiently small by using an interdigitated Iayout with a
small value for the width w of each digit. In a bipolar transistor 7, is a vertical resistor
which, for a given transistor area, can not be made smaller. Only the use of higher
currents and more transistor area, allows for a lower noise due to the base resistance
rp. The excess noise induced by #, can in a pure bipolar technology still be limited
as the value of r, 1s often lower than 50 £ per unit area in these technologies. In
BiCMOS technologies the value of r, can be well over 200 £2 which makes the bipotar
transistor in these processes totally unsuited as input transistor for an LNA. An even
more important source of noise performance degradation in bipolar transistors is the
shot noise induced by the base junction. At low frequencies this can be neglected
because of the high value of Spc, but at a high operating frequency f; the effective
value of g8 is equal to fr/f. {Gilb ACD96].
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In a MOS transistor all these extra noise sources are not present and the follow-
ing equation can be taken as a good approximation, even at high operating frequen-
cies [Laker 1994]:

A2 4T~ .4 f (6.39)

ineq 3gm )

Furthermore, with the use of nMOS transistors extra power gain can be obtained by
using new circuit topologies that take advantage of current re-use techniques. This is
not possible for bipolar devices where feedback techniques are required to overcome
its much lower linearity. In an open loop topology transistors can easily be stacked to
form one equivalent input transistor which all use the same current. This results in an
improved g, value for the same power consumption. In [Karan ISSCC96] this was
done with an nMOS and pMOS on top of each other. Far better results can however
be obtained when several nMOS devices are stacked on top of each other. Fig. 6.19
shows three nMOS transistor which are stacked on top of each other together with their
resistive loads. Essential for the possible realization of this topology as an input stage
for an LNA is the availability of high quality capacitors with low parasitic capacitance
to the substrate (lower than 1/10) in the used process. The presented topelogy for an
LNNA input stage can, in a sub-micron CMOS topology, be placed withina 3 'V power
supply and still have a high enough linearity. The equivalent input noise of this input
stage is almost 1/3 of the noise of an input stage with the same, but only one, nMOS
transistor which would have the power consumption. Signal loss in the capacitors and
the bulk effect working on the two top transistors will make the power consumption
reduction slightly higher than 1/3, but it is nonetheless again a good example of how
nMOS transistors are far better suited for the realization of LNA’s than bipolar tran-
sistors. The only question which remains is whether or not the nMOS transistors are
capable of achieving the high operating frequencies required for wireless application.
In sub-micron CMOS technologies and especially in deep sub-micron CMOS tech-
nologies this is the case. Today, it is possible to realize ina 0.5 pm CMOS technology
with high quality capacitors a 1 GHz LNA with a NF lower than 2.5 dB, an input IP3
of -3 dBm and a gain of 18 dB, using a power supply of 3 V and a power consumption
of less than 15 mW.

6.5 QUADRATURE GENERATORS
6.5.1 The RC-CR Allpass Filter

The principle of multi-path topologies for receivers and transmitters was introduced in
chapter 3. In multi-path topologies a number of related signals (in general 2 or 4) are
put in quadrature and processed in parallel. Multi-path topologies offer many advan-
tages towards full integration and low power consumption. Key issues for the design
of multi-path topologies are matching between the different parallel processing paths
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for the input stage of a CMOS LNA.

7

2
I
@q:

147




BUILDING BLOCKS FOR CMOS TRANSCEIVERS 171

(g
=

| ]

’7> FF ’7> FF f../2
.
||:n> ! [ )

o
- Q

Figure 6.20.  The digital generation of quadrature signals.

and the possibility to generate quadrature signals. The absence of good implementa-
tion techniques for quadrature generators with which high quality quadrature signals
can be obtained, is one of the reasons why multi-path topologies are not widely used
today. Only the zero-IF receiver topology, which can accept a limited quadrature ac-
curacy of 25 dB or even less, is an example of a multi-path topology which has been
implemented with success [Seven CICC91, Seven ISSCC94, Abidi CICCY4, Abidi
ISSC95, Abidi ACD96, Abidi ISSCC95].

Today, there are two main techniques known for the implementation of a quadra-
ture generator. One is a digital implementation [Razav ICD96], the other one is the use
of an RC-CR allpass filter [Stey JSSC92]. Fig. 6.20 shows a possible implementation
for a digital quadrature generator. A large advantage of the digital implementation is
that a very high quadrature accuracy, even lower than 1° at 1 GHz [Razav ICD96],
can be achieved with a highly symmetrical digital circuit topology. The digital im-
plementation however has also many disadvantages. First of all its local oscillator
frequency must be twice as high as the operating frequency. A system on 1.8 GHz
like for instance DECT will require an oscillator frequency of 3.6 GHz and such a
high frequency makes it very hard to implement highly symmetrical digital circuitry.
Another disadvantage is that a signal is put in quadrature based on its zero-crossings,
meaning that only periodic signals like sines of square waves can be put in quadrature.
A pseudo random signal, like the antenna signal, can not be put in quadrature. A third
disadvantage is that the signals in quadrature are square wave signals and they are not
the most suited signals to be used in receivers and transmitters for mixing because they
will also generate mixing at all their odd harmonics.

It is for all these reasons that a continuous time, analog generation of quadrature
signals is preferred. An RC-CR allpass filter, given in fig. 6.21, is such an analog
quadrature generator. It is today the most widely used technique for the implementa-
tion of high frequency quadrature generators. At the corner frequency of the RC-pole,
1/27 RC, the input signal will be attenuated with 3 dB and it will have obtained a
45° phase lag. The CR-zero has the same corner frequency, 1/2x RC, and at this
frequency the input signal is also attenuated with 3 dB. At this frequency the output
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signal will have a phase lead of 45°. The two output signals, i.e. the I and Q signal,
therefore have at the corner frequency an equal amplitude and a 90° phase difference.
Fig. 6.22 shows this transfer function for the RC-pole and the CR-zero. This figure
_demonstrates that RC-CR structure is not an allpass filter in the strict sense, as known
for real signals. It only has a flat amplitude response for its real to complex transfer
function. Fig. 6.24 shows these transfer functions, both for positivé and negative fre-
quency components. The negative frequency components are in this case unwanted
and their amplitude must be compared with the wanted positive frequency component
to find the obtained quadrature accuracy.

The problem with the RC-CR topology is that it is very sensitive to mismatch, Rel-
ative mismatch between the two resistors R or the two capacitors C will give the pole
and zero a different corner frequency, resulting in the fact that there is no frequency
anymore at which the I and Q signal have the same amplitude and a 90° phase dif-
ference, limiting in this way the lowest level that is reached in the dip of the transfer
function for negative frequencies as given in fig. 6.24. This effect is however not the
main limiting factor for RC-CR quadrature generators. A 1 % mismatch between the
components will still result in a quadrature accuracy of about 40 dB, which is for most
applications sufficient.

Loading with parasitic capacitors, caused by the output buffers following the quadra-
ture generator, will in first erder not affect the accuracy that can be obtained. It is again
only mismatch between the parasitic that will cause a difference between the pole and
zero. The only difference is that mismatch between parasitics can be rather large and
this is often neglected.

The main problem for the RC-CR quadrature generator is its sensitivity to absolute
variations of the R and C values. These variations can be very large from process
batch to process batch (up to 20 %) and they result in a difference between the corner
frequency and the operating frequency. Fig. 6.24 shows that the bandwidth in which
for instance a 25 dB quadrature accuracy can be obtained is very limited. An operating
frequency which differs 20 % from the corner frequency, will fall outside this band
and the 25 dB accuracy will not be achieved. The consequence is that some kind of
tuning or trimming technique will be necessary [Seven ISSCC94]. Another solution
can be found in the fact that the quadrature error is mainly an amplitude error. This
can be seen from fig. 6.22. Fig. 6.23 shows that the phase difference between the two
signals is theoretically equal to 90° from 0 Hz to oc. The amplitude difference can be
corrected by clipping the I and Q signal. In this way quadrature square wave signals
are obtained with a good accuracy in a large bandwidth at the cost of having the same
disadvantages as with digital quadrature generation. '
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Figure 6.21. The RG-CR ailpass filter, classically used as quadrature generator.
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Figure 6.22. The amplitude response of the pole (1) and zero (2) of an RC-CR quadra-
ture generator.
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Figure 6.23. The phase response of the pole (1} and zero (2) of an RG-CR quadrature
generator.
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Figure 6.24. Amplitudes of the positive (1) and negative (2) frequency components
generated by a perfect RC-CR quadrature generator.
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Figure 6.25. A three stage sequence asymmeiric polyphase filter used as quadrature
generator.

6.5.2 The Sequence Asymmetric Polyphase Filter

A sequence asymmetric polyphase filter, described in section 3.3.3.3, can be used as
quadrature generator. In that case only one, differential, input signal is applied. The
other input is grounded. This is shown is fig. 6.25 for a three stage version.

A polyphase filter has the same properties as an RC-CR type quadrature generator
In fact, when only one inputis used, while the other three are grounded, it is equal to an
RC-CR quadrature generator. The difference is that in a polyphase filter several stages
can be cascaded. While the phase difference remains theoretically 90° from 0 Hz to co,
the amplitude error can be made small over a much larger band by cascading several
‘'stages with each a different corner frequency. Fig. 6.26 shows this for a three stage
polyphase filter with R and C values as given in table 6.5. A quadrature accuracy of 25
ot even 30 dB can now be achieved in a large bandwidth around the corner frequency.
This makes the polyphase filter insensitive to absolute variations of the R and C values,
eliminating in this way the need for any tuning or trimming. Clipping of the output
signals is also not necessary anymore which means that not only sinusoidal signals
can be put in quadrature. With a polyphase filter any signal, even the antenna signal,
can be put in quadrature, opening in this way new opportunities for the realization of
new receiver and transmitter topologies. A problem that remains is the sensitivity to
mismatch. Fig. 6.27 shows the parasitic transfer function caused by a 5 % mismatch
between resistor values for the three stage polyphase filter. The following sections
describe how quadrature generation can be made insensitive to mismatch by using
new receiver and transmitter topologies.
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Figure 6.26. The transfer function of a three-stage polyphase filter for positive (1) and
negative frequencies (2).

Table 6.5. R and C values for the three stage polyphase filter with center frequency

at 1 GHz.

R C
Stage 1 120 2 1 pF
Stage 2 160 $2 1 pF
Stage 3 210 82 1 pF
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Figure 6.27. The two wanted transfer functions of a three stage polyphase filter (from
positive to posilive frequencies (1) and from negative to negative frequencies(2)) and
the two parasitic transfer functions (from positive to negative frequencies {3} and from
negative to positive frequencies (4)) which occur when there is mismatch between its
components.

6.5.3 A 900 MHz CMOS Double Quadrature Downconverter

In the last few years the zero-IF downconversion topology is used more and more in
receivers for mobile wireless telecommunications applications [Seven CICCS1, Abidi
CICC94, Min CICC94]. The zero-IF receiver can be implemented with a much higher
degree of integration than the conventional IF (beterodyne) receiver. This has made
the zero-IF downconverter the preferred topology in the research towards the fully
integrated single-chip transceiver.

However, the zero-IF topology has two well-known major drawbacks which makes
achieving an acceptable performance with it very hard [Rab ACDS3, Balt ACD93].
First, its baseband configuration makes the zero-1F topology highly sensitive to par-
asitic baseband signals like DC offset voltages and self-mixing products caused by
crosstalk between the RF and the LO signals. The second source of performance re-
duction is inherent to any analog integrated multi-path topology. Excellent matching
between the different downconversion paths is required, but limited in analog imple-
mentations. The effects of mismatch, i.e. phase and amplitude errors, degrade the
signal quality because they result in a reduced mirror signal suppression.

The zero-IF receiver topology is an example of a basic multi-path topology. In
chapter 3 it was demonstrated that several other multi-path topologies are possible,
opening in this way many possibilities for the realization of receiver topologies which
combine the property of a very good integratability with the ability to achieve a very
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good performance. Where in the zero-IF receiver the performance is limited due to the
limited matching accuracy of the RC-CR quadrature generator, here the chip realiza-
tion of a new multi-path type receiver topology is proposed which is highly insensitive
to mismatch and process variations and which at the same time eliminates the problem
of the sensitivity to parasitic baseband signals.

The low-IF receiver, presented in section 3.5.1.2, is, like the zero-IF receiver, also
a multi-path topology which can be implemented in a highly integrated way. It uses
an IF of a few hundred kHz and is therefore not sensitive to parasitic baseband signals
like DC offset voltages and self-mixing products. In this way the low-IF receiver
combines the advantages of both the IF and the zero-IF receiver. It can have a high
performance and a high degree of integration at the same time. The main drawback of
the low-IF recejvers is that they are more sensitive to 2 good mirror signal suppression,
because, in contrast to the zero-IF receiver, here the mirror signal can be larger than
the wanted signal. In the previous section it was demonstrated that the phase error of
the quadrature generator is the main limitation for the mitror signal suppression in the
classical downconverter used in zero-IF receivers. A typical quadrature downconverter
with a phase error of 3° [Stey ISSC92], results in a maximal mirror signal suppression
of 26 dB. Therefore, a new fully integrated CMOS quadrature downconverter with a
phase accuracy of 0.3° has been developed. It is a key building block for the realization
of high quality low-IF receivers. The proposed quadrature downconverter can form in
combination with an LNA and a synthesizer the complete and fully integrated analog
low-IF receiver front-end.

6.5.3.1 The Double Quadrature Structure. Fig. 6.28a shows the conventional
quadrature downconverter. The LO signal is put into quadrature and the downcon-
version is done twice. Signals situated at a frequency higher than the LO will be
downconverted to positive low frequencies. Signals lower than the LO will be down-
converted to negative frequencies. With a phase error on the LO signal, signals coming
from one side of the LO will also have a signal component coming from the other side
of the LO. This is mirror signal crosstalk. This parasitic crosstalk is, according to
equation 3.28, equal to tan{A¢). For an RC-CR quadrature generator this phase error
is determined by the mismatch between the cut-off frequencies f. of the pole and the
zero of the RC-CR structure. For a certain mismatch Af,, tan(A¢) is maximal at £,
and equal to :

Afe
2fe

30, a phase error of less than 0.3° requires that the matching between the RC and
CR network is better than 1 %. This value is then still only achieved in a very small
band around f;. Further away from f; the amplitude mismatch of the RC-CR structure
will dominate, resulting in a very high sensitivity to absolute parameter variations. The

tan(Ag) =

(6.40)
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Figure 6.28. a) The conventional quadrature downconverter and b) an alternative
structure. :

limited amplitude matching is often corrected by clipping the quadrature LO signals.
A good phase accuracy (better than 1°) can with the RC-CR structure only be achieved
by means of extensive tuning and trimming [Seven ISSCC9%4].

Fig. 6.28b shows an alternative topology for the conventional quadrature downcon-
verter [Taka ISSCC95]. The RF signal is now put into quadrature and both the HF
I- and QQ-signals are downconverted with a sine. The effect of a phase error in the
quadrature generator is the same : a mirror signal crosstalk equal to tan(A¢). The
difference is that this structure can not be used with an RC-CR quadrature generator,
as clipping of the RF signal is highly unwanted. )

The topology in fig. 6.29 gives the newly presented quadrature downconverter, it
is called the double quadrature downconversion structure. It is a combination of the
structures of fig. 6.28 : both the RF and the LO signal are put into quadrature. The
crosscoupling and combination of the four mixing products makes that the amplitude
and phase errors are extra suppressed. The mirror signal crosstalk due to phase and
amplitude errors for this structure is :

tan(AqﬁMuer.\' )

tan(A¢) = tan(Aggr) - tan(Adro) + — (6.41)

AA _ AApr AApp AG

A Azr Ao | 2G

(6.42)

G 1s the conversion gain of the downconversion mixers.
Hence, the double quadrature structure is highly insensitive to mismatches in the
quadrature generators. Tts mirror signal suppression is therefore determined by the
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-matching between the downconversion mixers. The phase mismatch between the
downconversion mixers is approximately ( fzw 1s the input bandwidth of the mixers) :

fro  Afsw
faw  faw

This means that the phase error can be made low when the mixers have a large input
bandwidth. The amplitude error between the mixers is determined by the mismatch
in DC conversion gain. It gives a mirror signal crosstalk equal to AG/2G and it is
therefore the main remaining source of mirror signal crosstalk. A good design with
large enough mixing transistors will significantly reduce this effect and any remaining
amplitude error can easily be eliminated by performing a closely matched digital AGC
operation on the sampled low frequency I- and Q-signals in the DSP which does the
further processing and demodulation of these signals.

tan{A¢) ~ (6.43)

6.5.3.2 The Broadband Quadrature Generator. The double quadrature structure
requires the use of two quadrature generators which still have to have a relatively
good amplitude and phase matching in a broad passband. Making the quadrature
generators broadband, eliminates the need for any frequency tuning to compensate for
absolute parameter variations. Sequence asymmetric polyphase filters, as presented in
section 3.3.3.3, can be used for this purpose.

One stage of a passive sequence asymmetric polyphase filter, as shown in fig: 6.30,
passes positive sequences and suppresses negative sequences at 1/2w RC. The big
advantage of this structure over the classical RC-CR quadrature generator is that sev-
eral stages can be cascaded. This allows for the synthesis of wideband filters, which
largely reduces the the sensitivity to absolute parameter variations. Fig. 6.31 gives
the simulation results for the positive and negative frequency response of a two stage
version. The two stages have different corner frequencies and each dip in the transfer
function for negative frequencies lies at the corner frequency, 1/27x RC, of one of the
stages.

6.5.3.3 Full CMOS Realization. Fig. 6.33 shows the block schematic of the real-
1zed chip. It has been realized in a standard 0.7 ptn CMOS technology and does not
require any external components, nor does it require any tuning or trimming. First,
a single-ended to differential conversion is performed on the RF and LO signal. The
circuit schematic of this single-ended to differential converter is given in fig. 6.34. The
first stage, with transistor M 1, performs the conversion. The low-ohmic poly resistors
ensure the linearity of the conversion. The dummy transistor M2 balances the posi-
tive and negative output node. This limits the phase error of the 180° to about 3° at
1 GHz. Transistors M3 p and M 3n form resistor loaded amplifiers. They compensate
for the signal loss of the single-ended to differential stage. The resistor loaded single
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Figure 6.30. The two-stage passive sequence asymmetric polyphase filter, used as
quadrature generator,
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Figure 6.31. The transfer function for positive and negative frequencies of a two-stage
passive sequence asymmetric polyphase filter.
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Figure 6.32. The transfer function for the wanted signal (1) and the mirror signal (2)
for the complete double quadrature downconverter. The thin lines give, for comparison,
the wanted and mirror signal transfer function for a quadrature downconverter with an
ideal RC-CR quadrature generator,

transistor amplifier structure is the only one which can still process 1 GHz signals in
0.7 pm CMOS. It does not have a good linearity, but its main distortion components
are second order and the second harmonic distortion components are, in this topol-
ogy, common-mode signals. The common-mode signals pass through the succeeding
polyphase filter and are then suppressed at the input of the double balanced downcon-
version mixers. _

Two two-stage sequence asymmetric polyphase filters are implemented on the chip.
Their passband is designed to range from about 600 MHz to 1.2 GHz. The signals at
900 MHz are in this way always set correctly in quadrature, independent of process
variations. Amplifier stages are again added after the polyphase filters to compensate
for the 6 dB signal loss introduced by the polyphase filter.

The mixers are realized with the highly linear CMOS topology for downconverters
presented in section ¢.2.2. The topology presented there has been redesigned for the
0.7 um CMOS process. A high input bandwidth can be achieved with this topology by
using small modulating transistors (by applying a large Vs — Vi) and large capacitors
on the virtual ground nodes. The large capacitors make that the opamp only has to
process low frequency signals. This makes it possible to use an opamp with large
input transistors, which results in a low noise despite its low power consumption. The
four fully balanced downconversion mixers are realized with sixteen HF modulating
transistors and two LF opamps.
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Figure 6.33.  Block schematic of the realized CMOS receiver front-end chip.
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Figure 6.34. The singe-ended to differential converter.

6.5.3.4 Measurement Results of the CMOS Front-End Chip. Fig. 6.35 shows
a microphotograph of the realized chip [Crols ISSCC95]. It is realized in a standard
0.7 pm CMOS process and measures 6 mm?”. It operates on a single 5 V power
supply voltage and consumes 500 mW, mainly dissipated in the HF resistor loaded
amplifiers. The measured conversion gain decays from 16.4 dB at low frequencies to
9.2 dB at 900 MHz. This is equivalent to a 3.1 dB HF signal loss for both the RF
and LO signal at 900 MHz. The measured output bandwidth is 3.09 MHz. Fig. 6.36
shows the third-order interception point (IP3) measurement. The TP3 is 27.9 dBm,
the measured noise figure (for a 12 dBm L.O signal) is 24.0 dB. The measurements
of the phase and amplitude errors in function of frequency are given in fig. 6.37. The
quadrature output signal is a low frequency signal and its phase and amplitude erros
can therefore be measured with a very high accuracy by menas of a low frequency
two-channel dynamic signal analyzer. The phase error is less than 0.3° in the 500 to
900 MHz band, which is as expected. In this band the amplitude error is situated at
0.5 dB. These phase and amplitude errors result, after a digital AGC operation, in a
mirror signal suppression of 46 dB. Both phase and amplitude errors totally depend
on matching, This measurement has therefore been performed on several samples and
all samples show the same or better phase and amplitude errors.
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Figure 6.35. Microphotograph of the CMOS double quadrature downconverter chip.
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Figure 6.36.  The third-order interception point measurement (IP3).

163




BUILDING BLOCKS FOR CMOS TRANSCEIVERS - 187

92

Phase [degree]
=
T

o

=

a
I

1 1 1 |

0 200 400 600 800 1060 12080 1400

Freq [MHz]

(a)

9.6 -
0.5
94 +
a3

42 F

AA [dB]

o1 F

1 1 1 1 1 L 1
0 200 400 600 800 1000 1200 1400
Freq [MHz]

()

Figure 6.37. a) The measured phase error and b) the measured amplitude error versus
frequency.
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6.5.4 A 900 MHz CMOS Double Quadrature Upconverter

6.5.4.1 The Double Quadrature Topology for Upconversion. Today, direct up-
conversion, shown in fig. 6.38, is used more and more for the realization of transmit-
ters. Direct L}pcdnversion, with a quadrature mixer, has the advantage that it can be
integrated in a much better way than the heterodyne upconverter which needs inter-
mediate frequencies and off-chip bandpass filters to suppress mirror signals generated
during upconversion. I a direct quadrature upconverter the baseband I and Q signal
are multiplied with respectively the local oscillator I and Q signal. This directly up-
converts the baseband signals to their wanted carrier frequency, which is equal to the
frequency of the local oscillator signals. There is no need anymore for the suppression
of mirror signals. In the case of direct upconversion the upper and lower sideband
are each other's mirror and sideband interference is prevented by doing the upcon-
version in quadrature. The sideband separation that can be achieved depends on the
accuracy of the quadrature generator for the local oscillator signal and, as discussed
in sections 6.5.1 and 6,5.3.2, this can be rather limited for the classically used RC-CR
type quadrature generator.

The double quadrature double quadrature upconversion structure, previously intro-
duced for downconversion, can also be used in direct upconversion to cbtain a high
quadrature accuracy in a large bandwidth, independent of mismatch. Fig. 6.39 presents
the double quadrature topology for upconversion. Each baseband signal is multiplied
with each local oscillator signal. The four outputs are summed two by two, delivering
a high frequency quadrature signal which has, ideally, no negative frequency compo-
nents (meaning that the obtained I and Q signal are perfect 90° phase shifted versions
of each other). Quadrature inaccuracies of the local oscillator signal and mismatch
between the I and Q paths will reduce the quality of both the obtained I and Q signals,
but in the presented double quadrature topology, a polyphase filter is used in the high
frequency output signal path to further filter these remaining inaccuracies. The con-
sequence is that the quadrature specifications on both the quadrature generator for the
local oscillator signal and for the high frequency polyphase filter can be relaxed while
still a wide bandwidth can be achieved. The big difference between double quadra-
ture upconversion and double quadrature downconversion is that the polyphase filter
is used here as quadrature filter (with 2 inputs and 2 outputs) and not as quadrature
generator (with 1 input and 2 outputs).

The remaining quadrature error of the double quadrature upconversion topology is
mainly determined by the mismatch between the four upconversion mixers, resulting
in phase accuracies -far better than the 3° of a classical RC-CR type of quadrature
generator. Equations 6.44 and 6.45 give an expression for respectively the phase and
amplitude error for the double quadrature upconverter topology in transmitters.

A ixers
(an(A6) = tan(Adxr) - (an(Agro) + TAPizre) (6.44)
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Figure 6.38. The quadrature topology for direct upconversion.,
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Figure 6.39. The double guadrature topology for upconversion.
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These equations are the same as for the double quadrature downconversion system
(see equations 6.41 and 6.42). The phase and amplitude errors of the LO quadrature
generator and the polyphase filter are multiplied, meaning that the polyphase filter
further reduces the errors of the quadrature generator, even when it has itself only
a limited quadrature accuracy. The matching accuracy of the mixers becomes, as a
result, dominant, but this can be made sufficiently low by doing a design towards
minimization of transistor mismatch [Pelgr ISSC89, Bast ICMTS95].

(6.45)

6.54.2 Circuit Description. The upconverter mixers, shown in fig. 6.40, are true
analog multipliers. Four of these mixers are implemented on chip. They perform a
multiplication of the differential baseband signals (BB) with a single-ended sinusoidal
local oscillator signal (1.O) and they implement at the same time the single-ended to
differential conversion for the high frequency signal. Both the low frequency and the
high frequency input are highly linear. This is obtained by using a MOS mixing tran-
sistor in the linear region. Via on-chip inductors the baseband signal is differentially
applied between the source and drain of the mixing transistor. The applied voltage
across the transistor is converted into a current, dependent on the gate voliage which
is modulated with the single-ended local oscillator signal. The differential structure
for the baseband signals enables the use of single-ended local oscillator signals and
eliminates the problem of the dependence of the transistors gpg on its Vpg. The high
frequency output currents are buffered by means of cascode transistors through which
they are provided to the output polyphase filter.

The use of a true multiplier for the upconversion has, contrary to commutating
mixers, the advantage that it produces far lower harmonic components at three and
five times the carrier frequency. Such components have to be filtered out with an
external ceramic filter before the signal is sent to the power amplifier. With troe multi-
plication this filter can be omitted. The disadvantage of true multiplication is that the
efficiency is slightly (1.4 times) lower than the efficiency of a commutating mixer (see
section 6.2.2.4). The presented topology of fig. 6.40 is basically a passive structure.
None of the transistors implements an amplification function and the conversion gain
of the proposed upconversion mixer will therefore be low.

An upconverter test-chip with the proposed architecture has been implemented in
a 0.7 um CMOS technology (the process parameters are described in appendix A},
In table 6.6 the dimensions of the realized devices are given. The use of the (.7 pm
CMOS process has some drawbacks, First of all its capacitors have poor quality. They
are of the poly-to-diffusion type and their parasitics to the substrate can be as high as
25 % of the capacitor value. This is mainly a problem for the polyphase filter which
uses these capacitors. This filter has to be driven from the output stages of the mix-
ers and it reduces in this way significantly the frequency behavior of the mixer output
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Figure 6.40.  Circuit diagram of the upconversion mixer.

stages. To compensate these capacitors on-chip inductors have been used. The 0.7 pem
process has however a highly doped substrate which results, due to the generation of
eddy-currents, in an increase of both the resistive and capacitive parasitics of the in-
ductor. Itis therefore not possibie to realize a high efficiency upconversion mixer in the
used 0.7 pm CMOS process. Nonetheless, the performance of the double quadrature
structure is independent of the actual signal amplitudes and with the proposed mixer
topology, which gives a flat transfer function around 900 MHz, the double gnadrature
structure for upconversion can be demonstrated, however with a limited conversion
gain of about -25 dB, With the further evolution towards deep-submicron technolo-
gies, the realization of CMOS SSB upconverters with high efficiency will become
feasible [Stey ACD96].

The output currents of the upconversion mixers are summed two by two and fed
into the two-stage polyphase filter. After the polyphase filter the output currents are
again combined into a single balun,on-chip single-ended signal. This is done by means
of an on-chip balun, shown in fig. 6.41, which drives a 50 €2 load. A two-stage filter is
used in order to obtain the high quadrature accuracy in a wide band, making the circuit
insensitive to absolute variations of capacitors and resistors, resulting in no need for
tuning or trimming. For the quadrature generation of the local oscillator signal the
classical, first-order, RC-CR circuit is used. The RC-CR quadrature generator has only
a limited accuracy, but this is more than sufficient in the double quadrature topology.
In combination with the two-stage output polyphase filter this results in a transfer
function for quadrature signals which i1s equivalent with three stages, however, thanks
to the double quadrature structure, without the normal sensitivity to capacitor and
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Table 8.6. Device sizes for the double quadrature upcenverter.

DEVICE TYPE SIZES
M1 nMOS w= 1200 pm, I = 0.7 um
M2 nMOS w=135pm, =15 pm
M3 nMOS w =120 gm, ! =0.7 pm
Ib Current source I=2mA
L1 Inductor Ar = 342000 pm, w = 64.0 pm, 4, =0.74, 1, = 098
L2 Inductor Ar =347000 um, w =700 pm, 74 = 0.81, 7y, =098
K1 Balun Ar = 168000 pm, w = 18.0 pun, 14, = 0.89, n, =0.92
R1 Resistor R=1408 ‘
R2 Resistor R=102€
R3 Resistor R=688
Cl Capacitor C=125pF
C2 Capacitor C=22pF
C3 Capacitor C=22pF
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Figure 6.41. Implementation of the two-stage polyphase filter and the on-chip balun
which brings the output signal of chip.

resistor mismatch. The advantage of the RC-CR structure is that it can be used to
generate quadrature signals from a single-ended signal.

6.54.3 Measurement Results. Fig. 6.42 shows the chip-microphotograph of the
implemented double quadrature upconverter [Crols ESSCC96]. It is realized in a
0.7 um CMOS process. The die size is 16 mm?, mainly occupied by the 12 on-chip
inductors and the on-chip balun placed at the output. Fig. 6.43 shows the measured
sideband suppression in function of frequency. It shows a sideband suppression of
more than 30 dB over a 200 MHz band from 700 to 925 MHz. This corresponds to a
phase error of less than 1° and an amplitude error of less than 10 mdB.

6.6 LOW FREQUENCY ACTIVE INTEGRATED POLYPHASE FILTERS
6.6.1 Active Integrated Polyphase Filters

The active integrated sequence asymmetric polyphase filter has been introduced in
section 3.3.3.2. It is an essential part for the realization of an analog low-IF receiver.
The topology of such a low-IF receiver is given in fig. 6.44. It is due to the selectivity
of the sequence asymmetric polyphase filter between positive and negative that the
mirror signal suppression can be postponed from high frequency to the low frequency
signal processing part after the downconversion. It allows in this way for the use
of a low IF frequency (a few hundred kHz), which in turn results in a very good
integratability of both the HF and LF part of the receiver without having any problems
related to baseband operation. An active integrated polyphase filter can however not
only perform the mirror signal suppression. It can also perform the channel selection
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Figure 6.42. Microphctograph of the double quadrature upconversion chip.
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Figure 6.43. The measured sideband suppression in function of frequency.
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Figure 6.44. The active integrated low frequency polyphase filter used in a low-IF
receiver.

and the suppression of adjacent channels which is involved in this process. This is
different from the passive polyphase filters (described in section 3.3.3.3).

The most important application for polyphase filters is the suppression of the neg-
ative or positive frequency component of a complex signal. This can be done with a
bandpass filter which results from the linear transformation of a lowpass filter. The
classic lowpass to bandpass transformation does not change the real properties of
the lowpass filter and it gives the bandpass filter a passband around @ = +w, and
w = —w,. After a linear frequency transformation, given in equation 6.46 the band-
pass filter has the lowpass filter characteristic only around w = +w,. '

jo = jw —ju, ‘ (6.46)

This transformation can only be realized as a polyphase filter because it introduces
complex coefficients in the rational polynomial transfer function of the filter. Equa-
tion 6.47 gives this transform for a first-order lowpass filter.

1
= — H =
1+ jew/w, T Go — joo) @,

Hy, (6.47)

The most efficient implementation technique is the direct synthesis of the transfer
function. This was worked out in equation 3.25 for the linear transformation of a first-
order lowpass filter. The realization of equation 3.25 is given in fig. 6.45. The required
building blocks are summators, amplifiers and integrators.

The realization of translated higher order lowpass filters with only poles in their
transfer function can be done by cascading the structure of fig. 6.45. The translation
adds a complex term, equal to jw, to the position of each pole. Complex conjugate
complex conjugate poles will not be complex conjugate anymore and all poles will
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Figure 6.45.  Blockdiagram of one section of an active polyphase filter.

173



BUILDING BLOCKS FOR CMOS TRANSCEIVERS 197

- have to be realized separately. For the implementation of an n™-order filter 2n inte-
grators are required. This is the same as when two lowpass filters are used in a zero-IF
and it is far less than what would be required when two bandpass filters are used.

The quality of the mirror suppression is determined by the matching in the polypha-
se filter. Mismatchi between the amplifiers and integrators in the two paths results in a
crosstalk from negative to positive frequencies and vice versa. In a perfect polyphase
filter the response to a negative frequencies is only this negative frequency. In a slightly
mismatched polyphase filter this response is not only this negative frequency. At the
same time, there will now also appear a small positive frequency component at the
output. This determines the mirror signal suppression. The mirror signal is situated
on the negative low-IF, the wanted signal is situated on the positive low-IF. Crosstalk
from negative to positive frequencies results in a superposition of a small part of the
mirror signal on top of the wanted signal and this superposition can not be corrected
anymore.

6.6.2 A 92 dB Dynamic Range Low-IF Filter

A frequency translated 5% order lowpass Butterworth filter has been implemented. The
filter is designed for high quality applications (e.g. the GSM system) which makes that
it has to comply with very high specifications dynamic range specifications. Both the
adjacent channel suppression and the mirror signal suppression are performed in the
filter. The wanted signal, separated from its neighbor and mirror signals, is available
at the output of the filter. It must have a signal-to-noise ratic SNR of 60 dB, even
for the weakest possible signal. In some applications the weakest signal that must be
detected can be 30 dB smaller than its neighbors. This means that the filter must be
able to cope with input signals with a dynamic range DR of 90 dB. The filter must
also have a contrellable gain which can vary with at least 30 dB.

The filter must have a high mirror signal suppression. The matching of the compo-
nents in the filter is therefore very important. Especially for those components which
determine the amplification in the passband (see section 3.4.3).

Table 6.7 gives the normalized poles of a 5% order lowpass Butterworth filter, it
also gives the poles for a lowpass bandwidth of 110 kHz (equivalent to a bandpass
bandwidth of 220 kHz) and it gives the values of the uncompensated complex poles
for a translated version on a center frequency of 250 kIz. The filter is designed for
a system with a channel spacing of 200 kHz. The five uncompensated complex poles
are realized by cascading the structure of fig. 6.45.

Fig. 6.46 gives the active-RC realization of fig. 6.45. Table 6.8 givds the values of
the resistors for a standard capacitance of 20 pF. The filter is realized in a standard
1.2 ppm CMOS process (described in appendix A). There are several reasons why the
filter is realized with the active-RC implementation technique. First of all there is the
required matching of the resistors. The matching of high ohmic polyresistors is much
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Table 6.7. Pole positions before and afier frequency translation for the proposed 5t
order Butterworth filter.

POLES LOWPASS LOWPASS - BANDPASS
BW = I rad/s BW =110kHz BW = 220kHz
P1 -0.309 +j 0.951 rad/s -33.9 4 105kHz -339 -j 145 kHz
P2 -0.309 -j 0.951 rad/s -33.9-j 105 kHz 33.9 -j 355 kHz
P -0.809 +j 0.588 rad/s ~ -89.0+j 64.7 kHz -89.0-j 185 kHz
Da -0.809 -j 0.588 rad/s -89.0 -1 64.7 kHz -89.0-j 385 kHz
Ps -1 radfs -110kHz -110-j 250 kHz

Table 6.8. Resistor values for a standard capacitor of 20 pF.

POLES R R/2Q
P 232kQ 22 4k
P2 232kS2 54.8 kS
P 89.4 kQ : 25.3 kS
P4 89.4 kQ 429kQ
ps 724k 31.8 k2

better than the matching of the MOS transistors in OTA-C and MOSFET-C filters. A
good matching in these filters requires the use of large Vgs — V7’s and with a single
5 V power supply the mismatch can not be made small enough. Here, the mismatch
between the high ohmic polyresistor is less than 0.2 %.

A second reason for choosing the active-RC technique is.the required dynamic
range. After the first stage of the filter the neighbor signals, which can be a lot higher
than the wanted signal, have only been partially filtered out. These signals can still be
very high. Therefore, the distortion of this first stage must be very small; in this case
lower than -80 dB. This can not be realized with a switched-capacitor [Halon JSSC87],
OTA-C [Silva KUL92] or MOSFET-C [Plas JSSC91]. It is only with the active-RC
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Figure 8.46. The active-RC realization of one section of the polyphase filter.
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Figure 6.47. The circuit topology of the opamp used in the low frequency active inte-
grated polyphase filter.

implementation technique that such low distortion values can be realized [Durham
JSSC, Durh CASII92]. Active-RC is not suited for high frequency applications, but it
is ideally suited to realize the required low frequency low-Q filter.

The center frequency of the filter is digitally tunableby means of switchable ca-
pacitor banks, as described in [Durh CASII92]. The gain of the first three stages is
controllable by means of extra switchable resistors which can be put in parallel with
the resistor al the input of the filter stages. The overall gain of the filter can vary from
4 to 256 in steps of 4.

The used opamp topology is given in fig. 6.47. It is a fully differential three-stage
Miller-compensated amplifier. The first stage is a folded-cascode topology with pMOS
input. With this stage a high open loop gain is achieved. The second stage is a source
follower which provides the necessary level-shift to drive the third stage. The third
stage is a common source amplifier with low gain, designed to drive relatively low
load resistors (20 k&2). Table 6.9 gives the device sizes for the opamp. The opamp
has a gain-bandwidth of 20 MHz, its DC gain is 70 dB and its power consumption is
8.75 mW per opamp operated from a 5 V power supply.

6.6.3 Measurement Results

A microphotograph of the low-IF filter is given in fig. 6.48 [Crols VLSI95]. The chip
is realized in 2 1.2 pm standard CMOS process. The total chip area is 7.5 mm?. Half
the area is occupied by the switchable capacitor banks. The noise requirements make
that the capacitors have to be large. The extra, switchable, capacitors enlarge the total
capacitor area with about 50 %. The chip runs on a single power supply voltage of
5 V. The total power consumption is 90 mW.
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Table 6.9. Device sizes for the opamp used in the active integratéd polyphase filter
realization.

DEVICE ‘TYPE SI1ZES
M1 pMOS w=16.8 um, [ =1.5 um
M2 pMOS w=121.6 pm, [ = 1.5 pm
M3 nMOS w=522pum, =12 pm
M4 nMOS w=352pum,[=12 um
M5 pMOS w=121.6 pm, ! =1.5 wm
M6 pMOS w=121.6 pm, [ = 1.5 wm
M7 nMOS w=10pm,! =12 um
M8 nMOS w=352um, =12 um
M9 nMOS w=069um,l=1.2 um
M10 pMOS w=240pm, = 1.5 pm
Cc Capacitor C=2pF

Figure 6.48. Microphotograph of the low-IF filter, an active integrated polyphase filter. -
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Figure 6.42. The simulated filier transfer function for positive and negative frequencies.

Fig. 6.49 gives the simulated filter transfer function for positive and negative fre-
quencies. Fig. 6.50 shows the measured transfer functions. The full line is the wanted
transfer function. The dotted line is the mismatch generated parasitic transfer function
from positive to negative frequencies and vice versa. Only crosstalk from negative

to positive frequencies is important and fig. 6.50 demonstrates that the mirror signal
suppression is more than 64 dB in the complete passband. The main contributor to the
frequency crosstalk is the mismatch between the input resistors of the first filter stage
(see section 3.4.4). The passband amplitude ripple is less than 0.1 dB.

6.7 CONCLUSION

The possible use of advanced sub-micron and deep sub-micron CMOS technologies
for RF circuit design yields many advantages : a lower cost and, in combination with
the use of new transceiver architectures, the possibility to realize a true single chip
transceiver implementation with all analog and digital signal processing integrated on
one die. Problem is however the moderate performance of present day sub-micron
CMOS technologies, Studying the possibilities of CMOS RF integration implies
therefore that new circuit design techniques have to be developed which exploit the
properties of the MOS transistor to realize RF building blocks that achieve perfor-
mances that are comparable to or better than the performances of today’s bipolar and
BiCMOS realizations.

In this chapter the implementation of the different types of RF building blocks
in sub-micron CMQS has been examined. Design aspects proper to the realization
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Figure 6.50. The measured transfer functions of the integrated active polyphase filter.

of LNA's, amplifiers, upconversion and downconversion mixers have been discussed.
Many chip realization and measurement results were presented and the obtained re-
sults prove that by using circuit topologies specially optimized for the use of MOS
devices, the realization of a CMOS transceiver front-end becomes possible.

®m The high intrinsic linearity of the MOS transistor, when compared with a bipolar
transistor, was used to design a highly linear downconversion mixer with a 1.5 GHz
input bandwidth. The property that downconversion mixers require only a low
frequency output bandwidth was used to realize a circuit topology which requires
only a very low power consumption.

m This downconversion mixer has been used as part of a realization of a double
quadrature low-IF receiver. The double quadrature receiver is a newly developed
topology with which very high quadralure accuracies can be achieved, independent
of mismatch and without requiring any tuning or trimming. A phase error of less
than (.3° at 300 MHz has been achieved. This is about 1Q times lower than the
phase error of classic realizations.

m Upconversion mixers are the most critical building blocks for CMOS implemen-
tation because they require an output buffer which has to drive a low impedance
off-chip load of 50 Q at high frequencies. A low impedance can with an nMOS
transistor only be realized with a large power consumption and a large transistor,
but this would add a lot of parasitic capacitance on the output node. A hand calcu-
lation model for planar inductors on lowly doped silicon substrates was introduced
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which can be used to make a structured and optimized design of an inductor loaded
amplifier. In an inductor loaded amplifier the inductor can be used to compensate
the parasitic capacitance and in this way the power consumption can be reduced.
The accuracy of the modeled inductance is better than 10 % for a wide range of
possible inductor layouts.

m A double quadrature upconversion mixer, that uses inductors to compensate for par-
asitic capacitances, was realized. Again the double quadrature structure was used
to achieve a very high quadrature accuracy independent of mismatch and without
requiring any tuning or trimming. A sideband suppression of more than 30 dB over
a 200 MHz band around 900 MHz has been achieved.

In general, it can be concluded that sub-micron CMOS can be used to realize analog
transceiver front-ends for high performance applications in the 900 MHz region, like
GSM. Deep sub-micron CMOS will allow for the realization of building blocks up
to 2 GHz. In some cases, like for instance the realization of LNA’s and linear mix-
ers, deep sub-micron CMOS may even proove to be more suited than silicon bipclar.
CMOS is not very well suited for the realization of output buffers loaded by 30 £,
but the need for such a buffer can be reduced to only one by using new receiver and
transmitter topologies which do not require the use of off-chip components and with
the evolution to deep sub-micron CMOS good performance will also be possible for
this building block.

181




GENERAL CONCLUSIONS

When digital signal processing techniques were introduced into the field of wireless
communication, they brought many changes. Digital signal processing, in combina-
tion with digital data communication, has allowed for the implementation of trans-
parent and highly reliable wireless networks. Wireless networks offer to their users
the automatic set-up of point-to-point communication links over a medium (free air)
which is originally not suited for this type of application because it has to be shared
by all users. With the availability of transparent poini-to-point communication, the
world of wireless communication has been opened for personal communication ap-
plications. Wireless communication is now not only limited anymore to a selected
number of professional applications. Today, many wireless services becoming avail-
able for people to be used in their daily life, The market of personal communications
is an enormously growing mass market and its impact on the evolution of wireless
communication equipment has been accordingly.

In order for wireless terminals to be suited for the mass market they need to be
priced low and they need to have a small physical size. Large investment into the
development of new handheld terminals for personal wireless communications have
been made, resulting in a constant drop of their price and weight over the past five
years. Today, handheld wireless terminals are priced below 300 US$ and they weigh
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1ess than 200 g. The number of wireless applications is however constantly increasing
and new generation of wireless interfaces will have to be developed which are priced
well below 100 TUSH and weigh less than 50 g, These wireless interfaces will become
a standard attribute of electronic equipment like laptops and personal digital assistants
or even complete wireless multi-media terminals.

The development of these next-generation wireless interfaces will require the evo-
lution from what is today a three or four chip-set solution with several external com-
ponents to a single-chip solution with only a few external components. This has tobe .
combined with a farther reduction of the power consumption of the wireless interface
as this has a direct impact on the battery size and cost. The integratability and power
consumption of the digital part of a wireless transceiver will further improve with the
continued downscaling of CMOS technologies to sub-micron and deep sub-micron
gate lengths. The bottle-neck for further advancement is the analog front-end which
forms the interface between the antenna and the digital signal processor in a wireless
transceiver. An increased level of integration and a further reduction of the power
consumption can not be achieved by merly using more advanced technologies. What
is required is the development of new transceiver front-end architectures.

The heterodyne receiver and transmitter architecture is for already more than 40
years the most commonly used. It has however one big disadvantage. It uses interme-
diate frequency stages and each one of these stages requires a bandpass filter that can
not be integrated on chip. With the ever increasing number of wireless applications,
the frequency band of each new application becomes higher and higher, resulting in
the need for more and more intermediate stages and thus more external components;
an evolution which is the opposite of the market’s requirements. The zero-IF receiver
topology and the direct upconversion transmitter topology can be integrated in a much
better way. Respectively their sensitivity to parasitic baseband signals and coupling
with the high power RF signal has limited their widespread use, although good perfor-
mances for some applications have been demonstrated. Today, combined IF zero-IF
architecture are considered to give the best trade-off between integratability and per-
formance.

In this work a new technigue for the design of receiver and transmitter architectures
was introduced. It is based on the use of complex signals and operations defined on
these complex signal to synthesize multi-path architecture. The zero-II' and direct
upconversion topology are in fact examples of such multi-path architectures. There
are however many more possibilities and this is exactly what the synthesis technique
which was presented in chapter 3 offers. The complex signal technique for multi-path
analog signal processing systems offers a method to synthesize and analyze sequences
of filters, mixers and amplifiers which do not require external components, like passive
bandpass filters, anymore. The use of parallel (or multi) analog signal processing
paths eliminates this need. The fact that sequences of several mixing stages can be
used eliminates the sensitivity problems typical for zero-IF and direct upconversion
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topologies. In chapter 3 not only the complex signal technique for transceiver front-
ends was introduced, this technique was also used in this chapter to develop several
new receiver and transmitter topologies. These topologies all have in common that
they do not try to find a good trade-off between integratability and performance, as
does the combined IF zero-IF topology. Instead, they all combine the advantage of a
good integratability with a high performance and low sensitivity to parasitic signals.
The low-1F receiver topology is an example of such a new receiver topology. It uses
a very low (a few hundred kHz) intermediate frequency which makes that its IF filter
can be integrated on chip, while it avoids the problems of interference by parasitic
baseband signals.

Design of the topology for a transceiver front-end for a given application is more
than only determining a sequence of filters, mixers and amplifiers which performs the
required signal transformations in the frequency domain. The noise and signal level
capabilities specified for the given application have to be translated in specifications
for the individual building blocks of the choosen transceiver architecture. Today, this
is, just like the topology selection, a mainly experience-based process. Each type of
analog building block has a large number of specifications that must be determined
and only experienced designer have a good feeling for the interdependencies between
all parameters. New architectures and building blocks require the full and long design
cycle down to transistor Ievel before some insight is gained in the interdepedencies of
their parameters. This makes the introduction of new architectures and building blocks
of course a very lengthy process, while often only a limited optimization is performed
(resulting in a too high power and chip area consumption). In chapter 4 a general ap-
plicable high-level design technique for wireless transceivers was presented. It offers
a method with which the high-level optimization problem can be formally described
and solved, making in this way a computer automated implementation of the high-
level design problem possible. The proposed high-level design technique is based on
a new technigue for the behavioral modelling of the different building blocks for wire-
less transceivers. These behavioral models not only give a high-level representation of
the building block’s operation, they are fully described by a unique set of five indepen-
dently variable parameters and they also give a relationship between these parameters
and cost parameters like power and chip area consumption. These models are used
in combination with a newly developed analysis technique for wireless transceivers,
based on the representation of power spectral densities as rational polynomials. This
analysis technique allows for a high-level calculation of the performance of a fully
specified transceiver topology without having to go down to the transistor level. In
combination with an optimization algorithm, it allows for a fast and memory efficient
high-level design. A structured high-level design, that includes the evaluation of many
alternative topologies and the full optimization of the chosen topology, is made possi-
ble in this way.
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The wireless transceiver market demands a very high degree of integration and a
low cost. In this respect CMOS technologies seem an attractive alternative for the
silicon hipolar, BICMOS and GaAs technologies which are currently used for the in-
tegration of analog transceiver front-ends. This advantage is not so much its lower cost
per area as this may not compensate for the inherently lower performance of CMOS
technologies. More important is the compatability with the technology of the digital
baseband signal processor. Only a full CMOS integration of the RF part will allow for
the realization of a true single-chip transceiver that has both all analog and digital sig-
nal processing implemented on the same die. In chapter 6 the possibilities of CMOS
integration: of the different types RF building blocks was studied. In order to be suited
for RF integration, a technology has three critical requirements : the availability of low
noise devices (for the integration of LNA’s and VCO'’s), a high frequency performance
of its devices and the capability to drive low impedances (5{ £2) with a good power ef-
ficiency. A MOS transistor is an inherently more linear device than a bipolar transistor
and with this taken into account it was demonstrated that nMOS transistors are much
more suited than bipolar transistors for the realization of the input stage of an LNA. In
fact for the same power consumption and linearity, a MOS input siage will generate
less noise. The problem which remains is its frequency performance. The fr of an
nMOS transistor is lower than the fr of an npn transistor. However, with the evolution
to deep sub-micron CMOS technologies this difference becomes smaller and nMOS
transistors with fr’s well above 50 GHz become available. It is especially under these
circumstances that it becomes important to consider CMOS as a viable technology for
RF integration. A point on which CMOS is not good, and which will not improve with
technology downscaling, is the power required for the realization of a low impedance
driver, On-chip high frequency nodes can use impedance levels of 250 to 400 £2, but
off-chip 50 £2 has to be used in order to cope with the higher parasitic capacitances of
external components and interconnections. The use of new transceiver architectures
which have only one high-frequency output node already greatly reduces this problem.
Furthermore, in chapter 6 it was studied how on-chip spiral inductors can be used to
further reduce the power consumption of these output drivers. An analytical model for
spiral inductors on lowly doped substrates was developed in order to allow for a struc-
tured design and evaluation of analog circuits that use spiral inductors. In chapter 6
many chip realization in standard sub-micron CMOS technologies were presented.
Not only classical building blocks, Ike mixers, were implemented in CMOS, but also
several complex operators, newly introduced in chapter 3, were implemented in order
to demonstrate their capabilities. Examples are the double quadrature downconverter,
the double quadrature upconverter and the complex low IF filter. It was demonstrated
that performances equal to or better than bipolar realization can be achieved in sub-
micron CMOS. The capabilities of deep sub-micron CMOS technologies as alternative
for bipolar, BiCMOS and GaAs RF circuit realization seems therefore undoubtable.
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With the RF capabilities of deep sub-micron CMOS technologies when used in
combination with new transceiver topologies proven, the final goal of the presented
work was a first realization of a highly integrated analog transceiver front-end chip
in a deep sub-micron CMOS technology. The GSM system at 900 MHz was chosen
as demonstrator. The design was required to fully comply with the specifications
as given for a 2 Wait handheld mobile station for GSM. In chapter 5 the high-level
design of this chip was performed, based on the new topologies and methods derived
in chapters 3 and 4. The designed transceiver architecture requires only four extra
components : an antenna, an antenna duplexer with blocking filter, a power amplifier
and a digital baseband processing chip. In chapter 7 aspects concerning the integration
of this highly integrated transceiver and a first realization was presented. Future work
will include a careful study of the interaction between the transceiver’s building blocks
and an optimization of the circuit topologies of the different building blocks.

Remaining Challenges In the on-going research for the realization of a fully inte-
grated single-chip transceiver in CMOS, two challenges remain. One is the integration
of the power amplifier. Today, most power amplifiers are class-C hybrid modules built
around one or more discrete GaAs transistors. In some applications the output sig-
nal’s power is as high as 2 Watt; with an efficieny of 50 %, this means also a 2 Watt
power consumption in the power amplifier. Both the present level of integration and
the power consumption are much too high. Possible integration will therefore require a
significant improvement of the efficiency, which will of course also be beneficiary for
the overal power consumption of the transceiver. An improvement of the efficiency
means however the use of an amplifier stage different from class-C, for example a
class-E amplifier, but such amplifiers suffer {from serious non-linearity effects. An
evolution to this type of power amplifiers is however inevitable,

A second challenge that remains is the coupling via substrate and substrate cou-
pling package between analog and digital circuitry placed on the same die. This 1s in
fact a general problem common to all mixed-signal chip realizations and a lot of re-
search is being done on this topic today [Su ISSC93]. It is however often overlooked
that this coupling is not as disturbing for RF applications as it is for other mixed-signal
applications, The specific nature of wireless communication {(a very small bandwidth
signal situated at a high operating frequency) makes that its analog part is only sensi-
tive to a very small part of the digital switching noise that is coupled in. Problem is
that presently no tool is available yet with which the level and spectral distribution of
coupled-in digital noise can be predicted. A designer still has to opt therefore for the
safest solution, the integration of analog and digital circuitry on a different die, while
this may not always be necessary for RF applications.

186




b

Crols
Steyaert

CMOS WIRELESS TRANSCEIVER DESIGN

187



The revolution in. wireless communications sets new requirements for transceivers
(transmitter-receivers). Higher operating frequencies, lower power consumption and very’
high degree of integration, are new specifications which require design approaches quite
different from classical RF design techniques. The integratability and power consumption
reduction of the digital component will further improve with the continued downscaling
of technologies. This is, however, completely different for the analog transceiver front-end,
the component which interfaces between the antenna and the digital signal processor. The
analog front-end’s integratability and power consumption are closely related to the
physical limitations of the transceiver topology and not so much to the scaling of the used
technology.

CMOS Wireless Transceiver Design is the first book to give a comprehensive treatment
of the design of transceivers for use in wireless communication systems. The book
overviews existing transceiver design and goes on to introduce new multi-path receiver
and transmitter topologies. It also presents a formal methodology for the high-level design
of transceiver architectures and fully illustrates its use in the design of a low-IF/direct
upconversion GSM transceiver front-end.

CMOS Wireless Transceiver Design further demonstrates its practical nature by containing
concluding chapters which study both the integration of RF building blocks in CMOS and
the capabilities of deep submicron CMOS used in combination with the new transceiver
topologies for the implementation of wireless transceiver front-ends in the 1 to 2 GHz
range.

CMOS Wireless Transceiver Design is essential reading for all researchers and practising
engineers working in the design of wireless communication systems requiring highly
integrated RF transceivers.
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